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Abstract 
The recent release of the unlicensed 60 GHz band tackles the increasing demand for more 
bandwidth in the wireless consumer electronics market. In order to meet the cost require-
ments of this market, many research groups have worked towards 60 GHz front-end elec-
tronics in mainstream silicon technologies, i.e., CMOS and BiCMOS. However, the tech-
nology choice for suitable antennas has not been as unitary and is controversially discussed. 
While there is a wide consensus that the antenna should be integrated in the same package 
with the front-end integrated circuit (IC), there are three main approaches on the realiza-
tion. First, there is the Antenna-in- Package approach, in which the antenna is implemented 
in the IC’s packaging technology. Second, there is the Antenna-on-Chip approach, in which 
the antenna is directly implemented in the back-end of the IC. Finally, the third approach 
can be considered as a hybrid of Antenna-on-Chip and Antenna-in-Package, in which the 
feed-point of the antenna is implemented on-chip while the radiating element itself is real-
ized off-chip. 
 
This thesis focuses Antenna-on chip main integration strategies. Its goal is to explore the 
challenges and potentials of this technology with respect to millimeter-wave antenna inte-
gration. For this, integrated antenna concepts for the 60 GHz band are developed using 
mainstream technologies. This restriction is necessary in order to achieve cost-effective 
solutions for the highly price-competitive wireless consumer electronics market. The main 
challenge of antenna design in a planar technology is the trade-off between radiation effi-
ciency and bandwidth. To obtain a large bandwidth, a relatively thick dielectric layer is 
needed. However, a thicker dielectric layer introduces more losses due to surface-wave 
excitation in the dielectric. Silicon with low resistivity substrates also introduce special 
challenges for high efficiency millimeter wave on-chip antennas. First, their low resistivity 
of 0.1-20 Ω-cm results in high dielectric loss and significantly reduces the antenna effi-
ciency. Second, TE and TM surface waves are easily triggered in 200-500 μm thick silicon 
substrates and can have serious detrimental effects on the antenna pattern and efficiency. 
A lot of work has been done to improve the radiation efficiency of planar antennas while 
maintaining a large bandwidth. Particularly, the use of electromagnetic band gap (EBG) 
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materials that suppress the surface-wave excitation has received a lot of attention. How-
ever, EBG materials are either difficult to manufacture, or too large to be used in planar 
array configurations. Another approach to improve the radiation efficiency is presented in 
literatures, where a superstrate antenna is used. This solution shows good perfor-
mance.  But careful consideration reveals that most designs are not readily amenable to 
mass production and many purposed structures are very inefficient. Some designs which 
are efficient require extra process steps such as trenching. This extra process hinders to 
achieve truly low fabrication cost. The fabrication process should be fully compatible with 
current substrate processing technology.  
 
To tackle these challenges, antenna on chip (AOC) structures, named virtual loop antenna 
(VLA) structures, were studied and utilized for low profile Si CMOS on-chip antenna de-
sign and realization. The concept proposed in this work avoids the extra steps but provides 
for comparable good antenna efficiency. We propose the design of this antenna for use on 
CMOS ICs technology that promises to integrate a complete 60GHz system on single chip 
that combines a good performance in both bandwidth and radiation efficiency. The result-
ing design is completely planar, and the use of vias is avoided. This result in inherently low 
fabrication cost, light weight, and low volume antenna. Its design is essentially a joint op-
timization of bandwidth and power efficiency. The design of this integrated loop antenna 
for use on 60GHz CMOS receivers was based on silicon substrates of low resistivity that 
varies from 5- 20Ω-cm.  The design was based on intensive electromagnetic simulations 
using HFSS software package.  The width and length of the antenna is less than half a free-
space wavelength, such that the antenna can be readily used for the realization of a planar 
beam-forming array. The designed antenna was fabricated and the measurement results 
agree with those of simulation results 
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Chapter 1 Introduction 
 
1.1 Context and general background of the thesis 
 
1.1.1 Societal context 
 
The trend in the consumer electronics sector towards wireless products has led to numerous 
advancements in our everyday lives. The existence of a wireless local area network 
(WLAN) in a cafe, public building, or private home, for example, is often taken for granted. 
Similarly, the use of satellite navigation using the global positioning system (GPS) to get 
to a destination has largely substituted the use of printed maps. If none of the two options 
are available, one may still browse the internet for an online-map on a smartphone, or call 
a friend using a hands-free headset that is connected to a mobile phone via bluetooth. All 
those advancements, however, have also led to a congested microwave frequency spec-
trum, i.e., below 30 GHz. Future applications that require wireless high-data-rate commu-
nication in the Gb/s-range can, therefore, not be accommodated for in this frequency range 
due to an insufficient amount of available bandwidth. Hence, the consumer electronics in-
dustry has laid an eye on the millimeter-wave (mm-wave) spectrum, i.e., 30 GHz to 300 
GHz. especially the unlicensed 60 GHz band with a large worldwide overlap seems an 
attractive option here, see, for example, [1, 2]. 
 
1.1.2 Brief review of 60 GHz wireless communication 
 
The interest of the wireless consumer electronics industry in mm-wave frequencies is cur-
rently mainly focused on the 60 GHz band. Here, a large bandwidth of unlicensed spectrum 
is available worldwide, with a large frequency overlap between different countries and re-
gions. In Europe, for example, the 60 GHz band covers all frequencies from 57 GHz up to 
66 GHz, i.e., a bandwidth of 9 GHz, for which the European Telecommunications Stand-
ards Institute (ETSI) released a harmonized European standard in early 2012, see [3]. A 
nice overview of the regulations in other parts of the world can be found in [2]. 
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Prior to those regulations, many researchers had already studied some possibilities and 
challenges for the development of wireless consumer products operating around 60 GHz, 
see, for example, [1, 2, 4, 5, 6, 7, 8]. Various application scenarios were mentioned in this 
respect. The three top applications according to [4] are high definition (HD) video stream-
ing, file transfer, and wireless Gigabit Ethernet. Here, HD video streaming includes, for 
example, uncompressed video/audio streaming from a portable media player, laptop, or 
personal data assistant (PDA) to a HD television (HDTV) or projector. The file transfer 
scenario covers applications such as communication between a personal computer (PC) 
and a printer, a digital camera, or similar. A further possible application mentioned is a 
”kiosk in a store” that sells audio and video contents by directly uploading the product to 
a customer’s portable device. In addition, the authors of [5] also envision a replacement of 
wired connections inside PCs by 60 GHz wireless interconnects. 
 
In order for above stated applications to be successful, products have to be developed that 
can compete on the highly cost-driven consumer electronics market. Hence, from the tech-
nology perspective, standard low-cost fabrication processes are preferred. One of the early 
publications on the exploitation of the 60 GHz band for consumer applications, [1], already 
briefly discusses technologies for wireless front-ends in this respect. For the antenna in 
particular, an implementation into the semiconductor technology is suggested in order to 
avoid significant interconnection losses. For cost reasons, the author advises to use silicon-
germanium based semiconductor technologies. Nowadays, there indeed seems to be a wide 
consensus among 60 GHz research groups that silicon- or silicon-germanium-based tech-
nologies, i.e., CMOS or BiCMOS, should be used for the electronics of the wireless front-
end. This is, for example, also outlined by the authors of [6], published in 2009, who com-
pare two different integration strategies for the antenna. They distinguish the Antenna-on-
Chip (AoC) solutions, i.e., (Bi-) CMOS integrated antennas, from the Antenna-in-Package 
(AiP) solutions, i.e., antennas that are integrated in the package technology of the integrated 
circuit (IC). From this comparison, they conclude that on-chip antennas are less favorable 
than in-package antennas for 60 GHz applications. They support their conclusion with the 
argument that AoCs only achieve radiation efficiencies of less than 12 % unless non-main-
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stream processing steps are added, which would increase the cost of the solution accord-
ingly. In contrast, the authors of [5] claim only a year later that AoCs offer the cheapest 
solution and suggest that more research should be conducted in order to increase their gain 
values to meet those of their AiP counterparts. 
 
1.1.3 Motivation 
 
With respect to 60 GHz antennas it is commonly accepted that the antenna should be lo-
cated as close as possible to the mm-wave front-end electronics in order to keep intercon-
nect losses at a minimum. Here, ’close’ refers to the electrical distance of the antenna to 
the front-end IC, i.e., measured in terms of the operating wavelength. The free space wave-
length, λ0, at 60 GHz is 5 mm and, hence, the antenna should preferably be inside the IC 
package. Such an antenna is called an integrated antenna throughout this thesis. Moreover, 
since the considerations are limited to antennas for the mm-wave range, such an antenna is 
more specifically called integrated mm-wave antenna, whereas both expressions are inter-
changeable. 
 
Although there is a wide consensus regarding the integration of the antennas, the choice 
for the integration technology does not appear to be as unitary, as outlined in the previous 
section. On one hand, one of the main reasons for this controversy can be found in the vast 
variety of process technologies in the semiconductor industry. Many ”classical” antenna 
engineers simply do not know or have no access to the full spectrum of semiconductor 
processes and, as a consequence, cannot exploit their full capabilities. Furthermore, IC 
processes have hardly ever been characterized with respect to antenna parameters, which 
poses difficulties for a proper antenna design. On the other hand, IC design engineers, who 
have good insights in various semiconductor process technologies, often do not have a very 
broad antenna-engineering background and, therefore, might not always come up with as 
well-designed integrated antenna solutions. An extreme example of such a questionable 
antenna design was published in [9], where an on-chip metallic patch over a ground plane 
is simultaneously used as a high-Q resonator, for which typically low losses are desired, 
and as an antenna, for which (radiation) loss and a low-Q behavior are key characteristics. 
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As a consequence of this technologically complex field of engineering, in which strict com-
pany confidentialities within the semiconductor industry pose additional difficulties in ob-
taining a thorough overview, two main opinions have emerged in the mm-wave society. 
First, there is the group of people that do not believe in a success of the AoC approach. 
Their opinion is largely motivated by the problems with the lossy silicon substrate and the 
associated low radiation efficiency. Furthermore, it is often argued that possible processing 
steps that would enhance the radiation efficiency are non-standard and, therefore, too ex-
pensive. On the contrary, the second major group is mostly searching for cost-effective 
alternative ways to improve the radiation behavior of on-chip antennas rather than exclud-
ing this approach once and for all. Their efforts are strongly supported by successfully 
integrated on-chip antenna designs in the terahertz band (0.3 THz - 3 THz) at which the 
AoC approach can be considered largely superior to the AiP approach, see, for example, 
[10]. 
 
The obvious question that arises from the above sketched controversy is the following: 
”Which integration technology will ultimately be the best choice for mm-wave antennas in 
the consumer market?” For this, beside the two main integration approaches, a third con-
cept can be distinguished and should also be taken into consideration. This third approach 
can be understood as a hybrid between AiP and AoC concept, which is further described 
in Chapter 3. Finally, another interesting question that needs to be answered is that of the 
frequency limits of the concepts, i.e., ”at what frequency range is the AiP, AoC, or hybrid 
solution superior to the other two approaches?” 
 
1.2 Objectives, research approach and outline 
 
The objective of this thesis is to answer above raised questions based on mainstream tech-
nologies. This is done in a unified approach by investigating the AiP, AoC, and hybrid 
integration approach in an equal manner. The general outline of this thesis, shown in Figure 
1.1, adopts the structure of this research approach. First, a brief review of the most im-
portant aspects of electromagnetic theory and antenna modeling is provided in Chapter 2. 
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Antenna specifications for the 60 GHz band are then derived in Chapter 3, where also an 
overview of typical state-of-the-art antenna concepts for AiP, AoC, and hybrid solutions is 
given. Based on those studies, integrated mm-wave Virtual Loop antenna (VLA) on chip 
concepts were developed, which are presented in Chapters 4. Here, since this study is fo-
cused on the effect of the integration technology, basic antenna topologies were chosen for 
the investigations, i.e. loop antennas. In Chapter 5, the measurement setups that were used 
for the characterization of the antenna prototypes are described. Since, eventually, antenna 
arrays will be required for many mm-wave applications, respective considerations in this 
direction are summarized in Chapter 6. Finally, a comparison of all three antenna concepts 
with respect to their performance is also provided in Chapter 6, where also general conclu-
sions and future works are drawn. Here, special emphasis is also laid on the suitability of 
the concepts for the major application areas as identified in [4, 5], i.e. 
a)  HD video streaming and wireless Gigabit Ethernet, 
b)  File transfer, 
c)  Wireless interconnects. 
 
Note that the designated goal of this thesis is an assessment of those process technologies 
that are nowadays widely considered as standard for the consumer market. Therefore, the 
Fig.1.1 General outline of thesis 
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drawn conclusions reflect the general requirements of this market and exclude antenna de-
signs in more advanced or more costly technologies. For example, the considerations are 
limited to silicon-based IC technologies. There are, however, also research groups that fo-
cus on, for example, gallium-arsenide based IC processes. Due to the typically much lower 
losses in those semiconductor substrates, on chip antennas with significantly higher effi-
ciencies could be accomplished. Gallium arsenide is more expensive than silicon, however, 
and, therefore, those solutions are generally considered as less competitive on the consumer 
electronics market. 
 
1.3 Contribution of thesis 
 
The main challenge of antenna design in a planar technology is the trade-off between radi-
ation efficiency and bandwidth. To obtain a large bandwidth, a relatively thick dielectric 
layer is needed [56]. However, a thicker dielectric layer introduces more losses due to sur-
face-wave excitation in the dielectric. A lot of work has been done to improve the radiation 
efficiency of planar antennas while maintaining a large bandwidth [57, 58]. Particularly, 
the use of electromagnetic band gap (EBG) materials that suppress the surface-wave exci-
tation has received a lot of attention [59, 60, 61]. However, EBG materials are either diffi-
cult to manufacture, or too large to be used in planar array configurations. Another ap-
proach to improve the radiation efficiency is presented in [62], where a superstrate antenna 
is used. This solution shows good performance, but is more complicated to realize, since 
the superstrate antenna is a separate component that has to be placed partly on top of the 
integrated circuit. As an alternative, a virtual loop antenna (VLA) is proposed here.. The 
concept proposed in this work avoids the extra steps but provides for good antenna effi-
ciency. We propose the design of this antenna for use on CMOS ICs technology that prom-
ises to integrate a complete 60GHz system on single chip that combines a good perfor-
mance in both bandwidth and radiation efficiency. The design is based on assumptions that 
conductor and conductive pad are imaged in ground plane to form a loop antenna. The 
resulting design is completely planar, and the use of via is avoided. This result in inherently 
low fabrication cost, light weight, and low volume antenna. Its design is essentially a joint 
optimization of bandwidth and power efficiency. The design of this integrated loop antenna 
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for use on 60GHz CMOS receivers was based on silicon substrates of low resistivity that 
varies from 5- 20Ω-cm.  The design was based on intensive electromagnetic simulations 
using HFSS software package. The width and length of the antenna is less than half a free-
space wavelength, such that the antenna can be readily used for the realization of a planar 
beam-forming array. 
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Chapter 2 
Electromagnetic theory and antenna modeling 
 
The multidisciplinary field of integrated mm-wave antennas caught the attention of not 
only the antenna society but also, for example, of the solid-state circuits and electron de-
vices societies. Since the latter two do not naturally deal directly with antenna problems, it 
is meaningful to summarize some basic principles of antenna theory that are essential for 
the understanding of the remainder of this thesis. For this, a brief review of basic electro-
magnetic theory is first of all given in Section 2.1. Here, a link is also made between a 
substrate’s electric resistivity, which is a commonly used parameter in the semiconductor 
industry, and the material’s loss tangent, which is used in general microwave engineering. 
Due to their importance for developed integrated mm-wave antenna concepts, some basic 
properties of confined substrate modes and their respective cut-off frequencies are also 
presented in this section. An overview of Full-wave Electromagnetic Field Simulation soft-
ware (HFSS) that was used for the solution of electromagnetic problems throughout this 
thesis is then given in Section 2.2, followed by a review of important antenna parameters 
in Section 2.3. These above described theoretical foundations are put into practice by the 
technique of image theory for a virtual loop antenna which also plays a major role for the 
modeling approach of the integrated antenna concept in Chapter 4. 
 
2.1 Electromagnetic fields in dielectric media 
 
2.1.1 The Maxwell equations 
The relation between electromagnetic fields and their electric and magnetic sources is 
given by Maxwell’s equations, 
 
𝛁 × ?⃗⃗⃗? =
𝝏?⃗⃗? (?⃗? )
𝝏𝒕
+ 𝑱 (?⃗? )                                                                                 (𝟐. 𝟏) 
𝛁 × ?⃗⃗? (?⃗? ) = −
𝝏?⃗⃗? (?⃗? )
𝝏𝒕
− ?⃗⃗⃗? (?⃗? )                                                                     (𝟐. 𝟐) 
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𝛁 ∙ ?⃗⃗? ((?⃗? )) = 𝝆𝒆(?⃗? )                                                                                        (𝟐. 𝟑) 
𝛁 ∙ ?⃗⃗? (?⃗? ) = 𝟎                                                                                                     (𝟐. 𝟒) 
 
with the magnetic field strength ?⃗⃗⃗? (?⃗? ), the electric field strength ?⃗⃗? (?⃗? ), and the electric-flux 
density and magnetic-flux density ?⃗⃗? (?⃗? ) and ?⃗⃗? (?⃗? ), respectively. Furthermore, 𝜌𝑒(𝑟 ) de-
scribes the electric charge density, 𝑱 (?⃗? ) the electric, and ?⃗⃗? (𝑟 ) the magnetic1 current den-
sities, see, for example, [11]. The coordinate vector to the observation point is denoted by 
?⃗? . Assuming harmonic time dependence, i.e., all field quantities are proportional to  𝒆𝒋𝝎𝒕 , 
where t is the time and ω is the angular frequency, (2.1) to (2.4) can be written as 
 
𝛁 × ?⃗⃗⃗? (?⃗? ) = 𝒋𝝎?⃗⃗? (?⃗? ) + 𝑱 (?⃗? )                                                                        (𝟐. 𝟓) 
𝛁 × ?⃗⃗? (?⃗? ) = −𝒋𝝎?⃗⃗? (?⃗? ) − ?⃗⃗⃗? (?⃗? )                                                                   (𝟐. 𝟔) 
𝛁 ∙ ?⃗⃗? (?⃗? ) = 𝝆𝒆(?⃗? )                                                                                            (𝟐. 𝟕) 
𝛁 ∙ ?⃗⃗? (?⃗? ) = 𝟎                                                                                                     (𝟐. 𝟖) 
For homogeneous and isotropic media, the relation between the electric-flux density and 
electric field strength as well as the relation between the magnetic-flux density and the 
magnetic field strength is given by the following constitutive relations: 
 
?⃗⃗? (?⃗? ) = 𝝐?⃗⃗? (?⃗? ) = 𝝐𝒐𝝐𝒓?⃗⃗? (?⃗? )                                                                        (𝟐. 𝟗) 
 
?⃗⃗? (?⃗? ) = 𝝁?⃗⃗⃗? (?⃗? ) = 𝝁𝒐𝝁𝒓?⃗⃗⃗? (?⃗? )                                                                     (𝟐. 𝟏𝟎) 
 
With 𝜖0 = 8.854 × 10
−12𝐴𝑠/𝑉𝑚 the permittivity and the permeability of  𝜇0 = 4𝜋 ×
4𝜋−7𝑉𝑠/𝐴𝑚 vacuum, respectively. The factors 
 
𝝐𝒓 = 𝝐𝒓
′ − 𝒋𝝐𝒓
′′                                                                                                (𝟐. 𝟏𝟏) 
 
𝝁𝒓 = 𝝁𝒓
′ − 𝒋𝝁𝒓
′′                                                                                              (𝟐. 𝟏𝟐) 
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denote the relative permittivity and relative permeability of the medium with respect to 
vacuum. Both factors are, therefore, dimensionless. In particular, for most dielectric media 
it holds that 𝝁𝒓 = 𝟏. In case of an infinite resistivity of the medium, 𝝐𝒓
′′ accounts for polar-
ization losses, i.e., damping of the vibrating dipole moments in the material, see [13]. In-
stead of stating the imaginary value, however, material suppliers usually characterize the 
losses of a dielectric by its loss tangent, defined as 
 
𝐭𝐚𝐧(𝜹) =
𝝐𝒓
′′
𝝐𝒓′
                                                                                                 (𝟐. 𝟏𝟑) 
 
2.1.2 Effect of finite electric resistivity 
 
For a medium that exhibits an electric resistivity ρ, the electric-current density in Equation 
(2.5) can be decomposed in two parts, i.e. 
 
𝑱 (?⃗? ) = 𝑱 𝒄𝒐𝒏𝒅𝒖𝒄𝒕(?⃗? ) + 𝑱 𝒊𝒎𝒑𝒐𝒔𝒆𝒅(?⃗? )                                                            (𝟐. 𝟏𝟒) 
 
see [11]. The first component is the conduction current density, 
 
𝑱 𝒄𝒐𝒏𝒅𝒖𝒄𝒕(?⃗? ) =
?⃗⃗? (?⃗? )
𝝆
                                                                                     (𝟐. 𝟏𝟓) 
 
which describes the current due to an electric field strength acting on the conductive me-
dium. The other term in Equation (2.14), 𝑱 𝒊𝒎𝒑𝒔𝒆𝒅 is the imposed current density and repre-
sents a source term of the electromagnetic fields. 
 
Equation (2.5) for homogeneous and isotropic media can be re-written with the aid of 
Equations (2.9), (2.11), (2.14), and (2.15) to 
 
𝛁 × ?⃗⃗⃗? (𝒓) = 𝒋𝝎𝝐𝒐 (𝝐𝒓
′ − 𝒋𝝐𝒓
′′ − 𝒋
𝟏
𝝆𝝎𝝐𝒐
) ?⃗⃗? (?⃗? ) + 𝑱 𝒊𝒎𝒑𝒐𝒔𝒆𝒅                                  (𝟐. 𝟏𝟔) 
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Hence, the electric resistivity contributes as ohmic losses to the imaginary part of the rela-
tive permittivity, i.e. 
 
𝝐𝒓 = 𝝐𝒓
′ − 𝒋 (𝝐𝒓
′′ +
𝟏
𝝆𝝎𝝐𝒐
) = 𝝐𝒓
′ − 𝒋?̃?𝒓
′′                                                     (𝟐. 𝟏𝟕) 
and has the same effect as polarization losses. Since both loss mechanisms are indistin-
guishable, see [13], the loss tangent (2.13) for materials with finite resistivity is given by 
 
𝐭𝐚𝐧(𝜹) =
?̃?𝒓
′′
𝝐𝒓′
=
𝝆𝝎𝝐𝒐𝝐𝒓
′′ + 𝟏
𝝆𝝎𝝐𝟎𝝐𝟏
′                                                                     (𝟐. 𝟏𝟖) 
 
As an example, Figure 2.1 provides the relation between the resistivity of a doped silicon 
substrate with  𝝐𝒓
′ = 𝟏𝟏. 𝟗  and its resulting loss tangent at 60 GHz under the assumption 
of low polarization losses, i.e. ,𝝐𝒓
′′ = 𝟎.  
 
Figure 2.1. Relation between the resistivity, ρ, of a doped silicon substrate with  𝜖𝑟
′ = 11.9 and its 
resulting loss tangent at 60 GHz (low polarization losses assumed, i.e. 𝜖𝑟
′′ = 0 ). 
12 
 
Finally, since the resistivity can be considered as part of the relative permittivity of a me-
dium, the term 𝑱 (?⃗? ) implies the imposed current density 𝑱 𝒊𝒎𝒑𝒐𝒔𝒆𝒅(?⃗? ) only throughout the 
remainder of this thesis. 
 
2.1.3 Vector potentials 
 
As mentioned in [14], it is possible to calculate the electromagnetic fields directly from the 
source term 𝑱 (?⃗? ), but it is often much simpler to calculate the fields from auxiliary func-
tions, known as vector potentials. The two most commonly used vector potentials are the 
magnetic vector potential, ?⃗⃗? (?⃗? ), and the electric vector potential, ?⃗? (?⃗? ). The following par-
agraph summarizes the derivation of the magnetic vector potential under the assumption 
that only electric currents are present, i.e. ?⃗⃗⃗? (?⃗? ) = 𝟎, and that the medium is homogeneous 
and isotropic. 
 
The magnetic field is solenoidal, i.e. 
 
𝛁 ∙ ?⃗⃗⃗? (?⃗? ) = 𝟎                                                                                                  (𝟐. 𝟏𝟗) 
 
Therefore, the magnetic field can be represented as the curl of a vector field, 
 
?⃗⃗⃗? (?⃗? ) = 𝛁 × ?⃗⃗? (?⃗? )                                                                                         (𝟐. 𝟐𝟎) 
 
with ?⃗⃗? (?⃗? ) the magnetic vector potential. Using this result and Equation (2.10) in (2.6) 
yields 
 
𝛁 × (?⃗⃗? (?⃗? ) + 𝒋𝝎𝝁?⃗⃗? (?⃗? )) = 𝟎                                                                     (𝟐. 𝟐𝟏) 
 
This implies that the vector field, given by (?⃗⃗? (?⃗? ) + 𝒋𝝎𝝁?⃗⃗? (?⃗? )), is irrotational and can 
therefore be represented by the gradient of a scalar field 𝜱(?⃗? ), i.e. 
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?⃗⃗? (?⃗? ) + 𝒋𝝎𝝁?⃗⃗? (?⃗? ) = −𝛁𝜱(?⃗? )                                                                    (𝟐. 𝟐𝟐) 
 
Using this result, Equation (2.10), and (2.9) in (2.5) results in 
 
𝛁 × 𝛁 × ?⃗⃗? (?⃗? ) − 𝒌𝟐?⃗⃗? (?⃗? ) = −𝒋𝝎𝝐𝛁𝜱(?⃗? ) + 𝑱 (?⃗? )                                               (𝟐. 𝟐𝟑) 
 
where  𝒌 = 𝝎√𝜺𝝁  is the wave number of the medium. This equation can be re-written 
using the Laplace operator, defined as 
 
𝛁𝟐?⃗⃗? (?⃗? ) = 𝛁𝛁 ∙ ?⃗⃗? (?⃗? ) − 𝛁 × 𝛁 × ?⃗⃗? (?⃗? )                                                     (𝟐. 𝟐𝟒) 
to arrive at 
 
𝛁𝟐?⃗⃗? (?⃗? ) + 𝒌𝟐?⃗⃗? (?⃗? ) = 𝛁 (𝒋𝝎𝝐𝜱(?⃗? ) + 𝛁 ∙ ?⃗⃗? (?⃗? )) − 𝑱 (?⃗? )                                    (𝟐. 𝟐𝟓) 
The scalar function Ф(r) can be freely chosen and is set to satisfy 
 
𝒋𝝎𝜺𝜱(?⃗? ) = −𝛁 ∙ ?⃗⃗? (?⃗? )                                                                                (𝟐. 𝟐𝟔) 
in order to simplify Equation (2.25) to the vectorial Helmholtz-equation 
 
𝛁𝟐?⃗⃗? (?⃗? ) + 𝒌𝟐?⃗⃗? (?⃗? ) = −𝑱 (?⃗? )                                                                       (𝟐. 𝟐𝟕) 
Equation (2.26) is known as the Lorentz gauge. It can be shown that the solution of (2.27) 
is generally given by 
 
?⃗⃗? (?⃗? ) =
𝟏
𝟒𝝅
∭
𝑱 (?⃗? ′)
𝑹(?⃗? − ?⃗? ′)
𝒆−𝒋𝒌𝑹(?⃗? −?⃗? 
′)𝒅𝑽′                                                           (𝟐. 𝟐𝟖) 
in which  ?⃗? ′  denotes the coordinate vector to a source point,  𝑽′ the volume that contains 
the source points, ?⃗?  the coordinate vector to an observation point, and 𝑹(?⃗? − ?⃗? ′) =
|?⃗? − ?⃗? ′|denotes the distance between source and observation point, see also [14]. Note that 
the kernel of (2.28) exhibits a singularity at ?⃗? = ?⃗? ′ , which poses a challenge for the exact 
evaluation of the integral. After the magnetic vector potential is calculated, the magnetic 
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field strength in an observation point can be computed by Equation (2.10). The electric 
field strengths can be obtained from 
?⃗⃗? (?⃗? ) =
𝟏
𝒋𝝎𝝐
(𝒌𝟐?⃗⃗? (?⃗? ) + 𝛁𝛁 ∙ ?⃗⃗? (?⃗? ))                                               (𝟐. 𝟐𝟗) 
where Equation (2.16) was used in conjunction with Equation (2.11). 
Similarly, the electric vector potential can be derived from the magnetic current distribu-
tion ?⃗⃗⃗? (?⃗? ). For this, only magnetic current densities are considered, i.e., 𝑱 (?⃗? ) = 𝟎 The re-
sult for the electric vector potential is then given by 
 
?⃗? (?⃗? ) =
𝟏
𝟒𝝅
∭
?⃗⃗⃗? (?⃗? ′)
𝑹(?⃗? − ?⃗? ′)
𝒆−𝒋𝒌𝑹(?⃗? −?⃗? 
′)𝒅𝑽′                                              (𝟐. 𝟑𝟎) 
 
From this, the electric and magnetic fields can be determined by equating 
 
?⃗⃗? (?⃗? ) = −𝛁 × ?⃗? (?⃗? )                                                                                      (𝟐. 𝟑𝟏) 
And 
 
?⃗⃗⃗? (?⃗? ) =
𝟏
𝒋𝝎𝝁
(𝒌𝟐?⃗? (?⃗? ) + 𝛁𝛁 ∙ ?⃗? (?⃗? ))                                                       (𝟐. 𝟑𝟐) 
respectively. 
 
2.1.4 Confined substrate modes 
 
The integrated mm-wave concepts that are presented in this thesis are directly located on 
top of dielectric substrates. As explained in [11, 15], a dielectric substrate can confine and 
guide electromagnetic energy. Since this mechanism is often unwanted and can pose addi-
tional challenges to an antenna design, it is important to understand under what circum-
stances this can occur. As explained in [11], the confinement of the electromagnetic energy 
inside an infinite substrate is due to total reflections at its top and bottom surface. Those 
reflections result in a standing wave pattern inside the substrate as shown in Figure 2.2(a). 
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As known from basic electromagnetic theory, a total reflection at a dielectric interface re-
sults in an evanescent field on the opposite side of the interface, see, for example, [13]. 
Therefore, the shown electric field strength in Figure 2.1(a) decays exponentially for z < -
h and z > 0. The amount of confined energy inside the slab depends on its thickness, h, its 
permittivity, ε, as well as the permittivity of the surrounding medium, usually air. The fields 
inside the substrate can be subdivided into two fundamentally different field configura-
tions, namely transverse-electric (TE) and transverse-magnetic (TM), with transverse re-
ferring to the orientation of the electric and magnetic field vectors with respect to the di-
rection of propagation. For both cases, TE and TM propagation, several modes can exist in 
the substrate. The lower cut-off frequencies for those modes are given by [15] as 
 
𝒇𝒄 =
𝒏𝒄𝒐
𝟐𝒉√𝝐𝒓′ − 𝟏
,                                                                                         (𝟐. 𝟑𝟑) 
Figure 2.2.Examples of electric field distributions inside infinite silicon substrates of thickness h. 
 
 with n the mode number, 𝑐0  the speed of light in vacuum, h the thickness, and 𝜀𝑟 the 
relative permittivity of the substrate. The modes are then named as TMn and TEn, respec-
tively. A striking characteristic of the TM0 and TE0 mode is that their cut-off frequency is 
0 Hz, i.e., they can always propagate. 
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Another important configuration that shall be considered here is the case in which the sub-
strate is covered with a metallic plate as shown for the lowest order TE-mode in Figure 
2.1(b). Here, the tangential electric field at the top surface has to be zero at all times. The 
cut-off frequencies of this configuration are given by [15] as 
 
𝒇𝒄 =
𝒏𝒄𝒐
𝟒𝒉√𝝐𝒓′ − 𝟏
                                                                                          (𝟐. 𝟑𝟒) 
with n = 0, 2, 4,. . . for the TM modes and n = 1, 3, 5,. . . for the TE modes. Hence, the 
lowest-order TE mode has a non-zero cut-off frequency for this configuration. 
 
2.2 Overview of full-wave electromagnetic field simulations 
 
Analytical closed form solutions to the wave equation are only available for simple radiat-
ing structures. The accurate calculation of fields for more complex radiating structures, 
such as planar antennas, requires Maxwell’s equations to be solved numerically. Commer-
cially available full-wave solvers are based on the finite element method (FEM), finite 
difference (FD) method, finite integration (FI) method and the method of moments (MoM) 
in both time and frequency domains [16, 17]. The solver used in this work is based on the 
FEM in the frequency domain, which is implemented in the commercially available soft-
ware suite High Frequency Structure Simulator (HFSS™) from Tansy’s (formerly Ansoft). 
The FEM in the frequency domain solves the inhomogeneous vector wave equation for the 
electric field obtained from substituting the first two of Maxwell’s equations (1) and (2) 
assuming time harmonic fields. 
 
?⃗⃗? × [
𝟏
𝝁
 ?⃗⃗? × ?⃗⃗? ] − 𝒋𝝎?⃗⃗? + 𝒋𝝎𝑱 = 𝟎                                                            (𝟐. 𝟑𝟓)  
 
The material constants can be set complex to account for dielectric and magnetic losses. 
The matrix equation is derived such that the residual is minimized for the entire domain. 
For this purpose, (2.35) is multiplied with a vector weighting function  ?⃗⃗? 𝒊 and integrated 
over the entire domain V to form the weighted residual equation 𝑭(?⃗⃗? ). 
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𝑭(?⃗⃗? ) = ∭(?⃗⃗? × (
𝟏
𝝁
?⃗⃗? × ?⃗⃗? ) − 𝒋𝝎?⃗⃗? + 𝒋𝝎𝑱 ) ?⃗⃗? 𝒕𝒅𝑽 = 𝟎                                    (𝟐. 𝟑𝟔) 
Commonly tetrahedral elements 𝑻𝒌are used as finite elements to discretize the computation 
domain because they can be naturally fitted to many geometrical shapes. The interpolating 
functions ?⃗⃗? 𝒏
𝒌 for each finite element 𝑻𝒌 are chosen so that the electric field inside the element 
can be described.  
?⃗⃗? 𝒌 = ∑ ?⃗⃗? 𝒏
𝒌?⃗⃗? 𝒏
𝒌
𝟔
𝒏=𝟏
                                                                                            (𝟐. 𝟑𝟕) 
n references the edges of the tetrahedron, which are connected through the four vertices. 
Two and three tangential components of the electric field are stored at the edges and verti-
ces, respectively, yielding a total of 24 complex values per tetrahedron. 
Antennas are considered an open boundary problem. Solving differential equations, how-
ever, requires the specification of boundary conditions. Reflection-free truncation of the 
computation volume is an inevitable measure to reduce the computational cost that would 
be necessary to simulate an open boundary problem with conventional boundary conditions 
such as perfect electric conductor (PEC) or perfect magnetic conductor (PMC) boundaries. 
These enforce surfaces with a reflection coefficient of 100%. They would have to be placed 
at a large distance away from the radiating structure to ensure that the reflected wave is 
attenuated enough to not disrupt the field configuration of the simulated structure. There-
fore, a perfectly matched boundary condition (PML) is implemented in FEM solvers to 
provide reflection-free terminations of the computation volume. The complex anisotropic 
material of the PML is chosen to ensure reflection-free matching of the PML to the free 
space impedance for all incident angles, polarizations and frequencies [18]. 
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Fig. 2.3: Concept of PML boundary conditions at the sides of the computational domain to provide 
low reflections absorbing boundaries 
A PML configuration is matched to a vacuum with the matching condition: 
 
𝝁𝒐
𝜺𝒐
=
[𝝁]
[𝜺]
                                                                                                        (𝟐. 𝟑𝟖) 
The anisotropy of the permeability and permittivity are described with tensors, [μ] and [ε], 
in order to ensure impedance matching and attenuation in z direction. 
[𝜺] = 𝜺𝒐[Ʌ]                                                                                               (𝟐. 𝟑𝟗) 
[𝝁] = 𝝁𝒐[Ʌ]                                                                                              (𝟐. 𝟒𝟎) 
The tensor entries must obey the following condition,  
[Ʌ] = [
𝒔 𝟎 𝟎
𝟎 𝒔 𝟎
𝟎 𝟎 𝒔−𝟏
]                                                                               (𝟐. 𝟒𝟏) 
Furthermore, the entries are complex to ensure attenuation 
𝒔 = 𝒂 − 𝒋𝒃                                                                                                (𝟐. 𝟒𝟐) 
The imaginary part b is used to model the electric and magnetic conductivities i.e., the 
losses, and the real part a models the phase of the wave propagation in the PML. The PMLs 
are truncated by either PECs or PMCs and must be thick enough to ensure high attenuation 
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of the reflected wave. It is interesting to note that the imaginary parts of the z components 
of the above tensors are negative (different leading sign to the x and y components) imply-
ing the existence of electric −𝑘𝑒𝐸𝑧and magnetic −𝑘𝑚𝐻𝑧sources within the PML materials. 
The radiating structure is surrounded by a 3D box. Additional PML edge elements are 
introduced at the edges and sides to ensure a complete reflection-free outer box surface. 
The impedance matching condition (2.38) is also applied to these elements. Figure 2.4 
shows a possible 2D configuration comprising one corner element. 
 
Figure 2.4: Concept of PML edge elements at the corner of the box. 
High frequency models are excited by applying an exciting field distribution somewhere 
inside or on the surface of the computation domain. For practical applications the excitation 
(source) is a microstrip or coaxial mode on a transmission line. Since these modes are 
boundary conditions for the source regions, they must be computed before the field distri-
bution inside the computational volume is solved. In the frequency domain, a harmonic 
time dependency is assumed. The electric field pattern for mode n is described as: ~𝑒𝑗𝑤𝑡 
is assumed. The electric field pattern for mode n is described as: 
?⃗⃗? 𝒏(𝒙, 𝒚, 𝒛,𝝎) = ?⃗⃗? 𝒏(𝒙, 𝒚)𝒆
−𝜶𝒛−𝒋𝜷𝒛                                                           (𝟐. 𝟒𝟑) 
The computation of the S-parameters requires an accurate determination of the time aver-
aged power density 𝑆 (𝑥, 𝑦, 𝑧) propagating in and out of the port for each desired mode. 
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Hence, a high accuracy of the 2D port field solution ?⃗? 𝑛(𝑥, 𝑦) is vital. The time averaged 
total complex power P of the mode can be evaluated at the cross section of the port. 
𝑷 = ∬?⃗? (𝒙, 𝒚, 𝒛 = 𝒛𝒐) 𝒅𝒙𝒅𝒚                                                                   (𝟐. 𝟒𝟒) 
Concerning the stability of the computed field solution of the FEM, an adaptive mesh re-
finement is employed in the field solver. The simulation process is divided into a number 
of steps. First, a geometrical model of the antenna is set up with the 3D modeler. Material 
parameters, boundaries and excitations are defined. A solution setup is created with a so-
lution frequency corresponding to the expected resonance frequency of the antenna. Next, 
a frequency sweep is defined covering the entire frequency range of analysis.  
 
After the simulation is started, the field patterns that exist on the defined cross section of 
the ports are solved with a 2D full-wave solver. These patterns are used as boundary con-
ditions for the excitation. Then the initial mesh is seeded in the computational domain and 
the field quantities and S-parameters are computed when the structure is excited with the 
solution frequency. To obtain a stable solution, the mesh is refined, and the solution is 
computed again. The maximum change ΔS is calculated: 
∆𝑺 = 𝒎𝒂𝒙[(𝑺𝒊𝒋
𝑵 − 𝑺𝒊𝒋
𝑵−𝟏)]                                                                          (𝟐. 𝟒𝟓) 
From here on, the mesh is refined after each pass until a convergence criterion is met. Once 
a stable solution is found, the sweep is executed, which extrapolates the field solution at 
the solution frequency over the desired frequency range. 
 
2.3 Antenna parameters 
 
2.3.1 Field regions 
 
The space around an antenna can be subdivided into three regions, see [14]. The direct 
vicinity of the antenna, called the reactive near-field region, is electromagnetically domi-
nated by the reactive fields of the antenna. This region exists until approximately 
0.63√𝐷3/𝜆0 from the antenna surface, where 𝜆0 is the considered wavelength and D is 
the largest dimension of the antenna. The region between this boundary and up to a distance 
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of approximately 2𝐷2/𝜆0 is called the radiating near-field or Fresnel region. Here, the ra-
diating fields predominate, but the angular field distribution depends on the distance from 
the antenna. As stated in [14], this region may not exist for antennas whose largest dimen-
sion D is not large as compared to the wavelength. The region beyond the 2𝐷2/𝜆0-bound-
ary is called the far-field or Fraunhofer region at which the angular field distribution is 
essentially independent of the distance from the antenna. 
2.3.2 Input impedance and radiation efficiency 
 
From a circuit point of view, an antenna can be described, just as any other load, by means 
of an impedance 
 
𝒁𝒂𝒏𝒕(𝒇) = 𝑹𝒂𝒏𝒕(𝒇) + 𝒋𝑿𝒂𝒏𝒕(𝒇)                                                                (𝟐. 𝟒𝟔) 
 
or, alternatively, as an admittance 
 
𝒀𝒂𝒏𝒕(𝒇) = 𝑮𝒂𝒏𝒕(𝒇) + 𝒋𝑩𝒂𝒏𝒕(𝒇)                                                                (𝟐. 𝟒𝟕) 
 
where both the imaginary as well as the real part are a function of the frequency f . From 
an electromagnetic perspective, the imaginary part of the antenna impedance (or admit-
tance) is determined by the reactive fields of the antenna and, thus, by its near-field. The 
resistive part of the impedance can be split into two different components, 
 
𝑹𝒂𝒏𝒕 = 𝑹𝒓𝒂𝒅 + 𝑹𝒍𝒐𝒔𝒔                                                                                   (𝟐. 𝟒𝟖) 
 
with the radiation resistance   𝑅𝑟𝑎𝑑 and the loss resistance  𝑅𝑙𝑜𝑠𝑠 of the antenna. For a 
loss mechanism in parallel, the admittance model can more easily be used, with 
𝑮𝒂𝒏𝒕 = 𝑮𝒓𝒂𝒅 + 𝑮𝒍𝒐𝒔𝒔                                                                                    (𝟐. 𝟒𝟗) 
Here,  𝑅𝑟𝑎𝑑 and  𝐺𝑟𝑎𝑑 are associated with the power loss due to radiation and can, there-
fore, be linked to the far-field of the antenna. 𝑅𝑙𝑜𝑠𝑠 , and  𝐺𝑙𝑜𝑠𝑠 then describe the conductor 
and dielectric losses inside the antenna. 
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Since antennas obviously exhibit undesired losses, the radiation efficiency of an antenna, 
defined as the ratio of the radiated power to the input power, see [11], is a vital performance 
parameter. From the lumped antenna models (2.46) and (2.47) in combination with (2.48) 
and (2.49), respectively, the radiation efficiency of the antenna can be calculated according 
to 
 
𝜼𝒓𝒂𝒅 =
𝑷𝒓𝒂𝒅
𝑷𝒊𝒏
=
𝑹𝒓𝒂𝒅
𝑹𝒓𝒂𝒅 + 𝑹𝒍𝒐𝒔𝒔
                                                                    (𝟐. 𝟓𝟎) 
Note that Equations (2.50) exclude losses due to a mismatch between the source, for ex-
ample an amplifier, and the antenna. Therefore, the radiation efficiency is a circuit inde-
pendent parameter, which makes it an ideal figure of merit for the comparison of antenna 
concepts in different technologies and with different input impedance specifications. 
Hence, it plays an important role in the antenna concept chapter 4. 
 
2.3.3 Gain, polarization, and radiation pattern 
 
In most cases, a communication antenna is used to bridge larger distances. Therefore, the 
radiation properties of an antenna as seen from its far-field are of major importance. For 
example, it is crucial to know the directional properties of an antenna, like 
 
 
Figure 2.5. Definition of spherical coordinates. 
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the amount of power radiated into each direction, i.e., with respect to θ and ϕ of a spherical 
coordinate system as shown in Figure 2.5. For this, an isotropic radiator is considered as 
starting point here. Such a (hypothetical) antenna radiates the same amount of power in all 
directions. Thus, one can determine its radiation intensity U, defined as the radiated power 
per unit solid angle, simply by 
 
𝑼𝟎 =
𝑷𝒓𝒂𝒅
𝟒𝝅
                                                                                                     (𝟐. 𝟓𝟏) 
In the general case, however, the radiation intensity of an antenna is a function of direction, 
i.e., U = f (θ, ϕ), for which the following relation always holds: 
 
𝑷𝒓𝒂𝒅 = ∫ ∫ 𝑼(𝜽,𝜱) 𝐬𝐢𝐧(𝜽)𝒅𝜽
𝝅
𝟎
𝒅𝜱
𝟐𝝅
𝟎
                                                 (𝟐. 𝟓𝟐) 
Equation (2.51) simply states that the integration of the radiation intensity over all direc-
tions is equal to the total radiated power. Usually, U = f (θ, ϕ), of a considered antenna is 
described with respect to the isotropic radiator, i.e. 
 
𝑫(𝜽,𝜱) =
𝑼(𝜽,𝜱)
𝑼𝟎
=
𝟒𝝅𝑼(𝜽,𝜱)
𝑷𝒓𝒂𝒅
                                                          (𝟐. 𝟓𝟑) 
 
where D is known as the directivity of the antenna. This relation, however, excludes any 
antenna losses since only the radiated power is considered. In practice, one is usually more 
interested in the amount of power that is radiated in a certain direction with respect to the 
total input power. For this, the radiation efficiency, defined in (2.50), can be used to obtain 
the gain of the antenna, 
 
𝑮(𝜽,𝜱) = 𝜼𝒓𝒂𝒅
𝑼(𝜽,𝜱)
𝑼𝟎
= 𝜼𝒓𝒂𝒅𝑫(𝜽,𝜱)                                              (𝟐. 𝟓𝟒) 
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Figure 2.6. General polarization ellipse. 
 
where it is assumed that the isotropic radiator does not exhibit any losses. 
 
Another important far-field parameter is the polarization of an antenna, which is defined 
as the polarization of its radiated wave along its direction of propagation. Here, the polar-
ization of an electromagnetic wave is further defined as the time-dependent direction and 
relative magnitude of the electric-field vector. Since the polarization of the radiated wave 
might vary with the observation direction, the polarization is usually taken to be in the 
direction of maximum gain, see [14]. Note, however, that although antennas are designed 
to radiate in a specified polarization, they always also radiate a certain amount of power in 
the orthogonal polarization. The component of the field that is radiated in the intended 
polarization is commonly referred to as co-polarization component and the orthogonal 
component is then referred to as cross-polarization component. A fundamental article on 
the possible different definitions of co- and cross-polarization was published by A.C. Lud-
wig in 1973, see [19]. In the outline of this thesis, however, both components coincide with 
either the θ or ϕ direction of the observation coordinate system, respectively. They are 
denoted accordingly, such that no further elaboration on this topic shall be undertaken here. 
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Moreover, in the far-field of an antenna, its radiated electromagnetic wave can be split into 
two orthogonal components, which superimpose to a general polarization ellipse as shown 
in Figure 2.6. For such an ellipse, the axial ratio (AR), 
 
𝑨𝑹 =
𝑨
𝑩
=
|?⃗⃗? 𝜽𝒖𝜽 + ?⃗⃗? 𝜱𝒖𝜱|𝒎𝒂𝒙
|𝑬𝜽𝒖𝜽 + ?⃗⃗? 𝜱𝒖𝜱|𝒎𝒊𝒏
                                                               (𝟐. 𝟓𝟓) 
 
can be defined, which indicates whether the wave is mainly linearly, elliptically, or circu-
larly polarized. For a perfectly linearly polarized antenna, for example, the axial ratio (2.55) 
is infinite. For a perfectly circularly polarized antenna, the axial ratio is AR = 1. This case 
is of particular importance for the array considerations in Chapter 4. 
 
Finally, the radiation characteristics of an antenna as a function of space coordinates are 
often represented in a plot, known as radiation pattern. If the gain of an antenna is shown, 
one also denotes it as power pattern since it describes the radiated power per unit solid 
angle. A power pattern could, however, also show the directivity or radiation intensity and 
is, therefore, not uniquely defined. Therefore, throughout this thesis the term gain pattern 
is used to indicate that the gain of the antenna is shown. Furthermore, radiation patterns 
are often normalized with respect to its maximum value, which is then denoted as normal-
ized radiation pattern. In this thesis, these patterns are accordingly referred to as normalized 
gain patterns. Since the gain can be independently determined for co-polarization and 
cross-polarization components, the radiation patterns might show the results for one of the 
two polarizations only. If nothing is mentioned, however, the gain pattern is taken to be the 
absolute gain of the antenna in that direction. Furthermore, for linearly-polarized antennas 
it is common practice to limit the patterns to their two principle planes, i.e., E-plane and 
H-plane. In general, the E-plane is defined as the plane containing the electric field vector 
and the direction of maximum radiation. The H-plane is defined accordingly for the mag-
netic field vector and, since in the far-field the electric and magnetic field vectors are or-
thogonal to each other, the H-plane is orthogonal to the E-plane. 
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2.3.4 Friis transmission equation 
 
Figure 2.7 shows a sketch of a general wireless communication scenario between a trans-
mitter and a receiver. As known from Section 1.3.3, the transmitting antenna, in general, 
radiates power into all directions. Hence, not all the radiated power can be captured by the 
receiving antenna. The power density at the location of the receiving antenna can be cal-
culated by 
 
𝑾𝟎 =
𝑷𝒊𝒏𝑮𝒕(𝜽𝒕, 𝜱𝒕)
𝟒𝝅𝑹𝟐
                                                                                   (𝟐. 𝟓𝟔) 
with  𝐺𝑡 the gain of the transmitting antenna in the direction of the receiving antenna, 
specified by  𝜃𝑡 and  ϕt and with R the distance between both antennas. The receiving 
antenna captures the portion 
 
𝑷𝒓 = 𝑨𝒓(𝜽𝒓, 𝜱𝒓)𝑾𝟎                                                                                    (𝟐. 𝟓𝟕) 
 
of the radiated power. In (2.57) 𝐴𝑟(𝜃𝑟, 𝜙𝑟) denotes the effective aperture of the receiving 
antenna in the direction of the transmitting antenna, which is related to its gain according 
to 
 
 
 
Figure 2.7. Free space wireless link between a transmitter (left) and a receiver (right) lo-
cated at a distance R. 
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𝑨𝒓(𝜽𝒓, 𝜱𝒓) = 𝑮𝒓(𝜽𝒓, 𝜱𝒓)
𝝀𝟎
𝟐
𝟒𝝅
                                                                  (𝟐. 𝟓𝟖) 
Using this relation and substituting (2.57) into (2.56) yields 
 
𝑷𝒓
𝑷𝒊𝒏
= (
𝝀𝟎
𝟒𝝅𝑹
)
𝟐
𝑮𝒕(𝜽𝒕, 𝜱𝒕)𝑮𝒓(𝜽𝒓, 𝑮𝒓)                                                     (𝟐. 𝟓𝟗) 
 
which is known as the Friis transmission equation. The term, 1/4πR2, in (2.59) is called the 
free-space path loss since it takes into account the losses in the wireless link due to the 
spherical spreading of the radiated power. 
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Chapter 3 
3 Integrated millimeter-wave antennas 
As a starting point for the integrated mm-wave antenna concepts that were developed in 
the framework of this thesis, it is meaningful to first give a brief overview of the state-of-
the-art. For this, some general requirements of antennas for the 60 GHz band are, firstly, 
summarized in Section 3.1 since these are common for all concepts. Next, brief overviews 
of typical state-of-the-art Antenna in Package (AiP), Antenna on Chip (AoC), and hybrid 
designs are given in Sections 3.2 to 3.4. The findings of the state-of-the-art overviews then 
serve as the motivation for the technology choices and antenna concepts that follow in 
subsequent chapters. 
3.1 Antenna requirements for 60 GHz communications 
It was already pointed out in Chapter 1 that an integrated antenna is preferred at mm-waves 
in order to keep the interconnect losses as low as possible. To obtain sufficient link for 
Gb/s transmission over 10 meters distance, an antenna should feature low fabrication cost, 
readily amenable to mass production, light weight, low volume, easy to integrate with mon-
olithic integrated circuits (MMIC) RF front end-end circuitry, sufficient bandwidth and 
sufficient antenna directivity. 
 
Furthermore, the antenna should exhibit a high, constant gain at a high radiation efficiency 
over the entire frequency band, as pointed out in [2]. If this requirement is not met, the 
overall signal-to-noise ratio (SNR) in the receiver is affected and, as a consequence, the 
communication distance would be severely compromised and/or the battery lifetime of 
portable devices unnecessarily shortened. Moreover, since high gain comes at a cost of a 
narrow beam-width, the antenna beam should be automatically adjustable in its direction. 
Therefore, switched-beam or phased arrays are typically suggested, see, for example, [2, 
4, 5, 7, 8]. 
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The antenna gain should be high; however, a motivated quantification of the gain require-
ment is hardly ever stated in the literature. Hence, this issue shall briefly be tackled here 
based on the Friis transmission equation (2.59), which relates the total received power to 
the total input power of a radio link in free space. For this, the worst case receiver sensitiv-
ity specification from IEEE standard 802.15.3c-2009, see [24], is used as minimum ac-
ceptable receiver input power level, Pr. According to this specification, a power level of at 
least -46dBm is the minimum requirement. For the transmitter, the maximum equivalent 
isotropic radiated power (EIRP), which is the product of transmit power and transmit an-
tenna gain, is in Europe limited to a maximum of 40dBm, see [3]. Using this value and the 
worst case receiver sensitivity from above in (2.59), the minimum required receive antenna 
gain for 60 GHz can be determined to be Gr = 2dBi for a communication distance of up to 
R = 10 m. The respective system assumptions for this scenario are summarized as case #1 
in Table 3.1. Here, a single transmitter chip like the one published in [25] is assumed that 
exhibits a maximum output power of PIC = 10dBm (= Pin in (2.59) for this case). As shown 
in the table, the resulting transmit antenna gain Gt has to be 30dBi in this case in order to 
achieve the maximum EIRP. Such high gain is difficult to achieve with a single integrated 
antenna, however, which makes this system approach rather impractical. 
 
Another possibility of achieving a high EIRP is by increasing the transmit power. This 
could be done, for example, by building an array of antennas whereas every antenna is fed 
by an individual transmitter chip. By this, the output powers of the ICs are combined ”in 
the air”, as described in [4, 7]. Hence, the total transmit power is then as high as Pin = 
NPIC, with N the total amount of antenna array elements. Furthermore, this array approach 
leads to a larger overall antenna gain, with an overall gain increase of approximately the 
same factor N. Using this approach and assuming that the single antenna element of the 
array is a patch antenna, which typically exhibits a gain of Gt, single = 6dBi, and is fed by 
the same 10dBm transmitter chip, the total amount of transmit antennas has to be approxi-
mately 16, see case #2 in Table 3.1. 
 
In order to reduce the transmit antenna array size, one can use another antenna array of size 
M on the receiver side. When choosing M = N and assuming once again that the single 
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antenna elements exhibit a gain of 6dBi on both sides, two 6-element arrays would easily 
satisfy the minimum input power requirement for a communication distance of up to R = 
10 m, as shown as case #3 in Table 3.1. Note that in this configuration the maximum EIRP 
does not even have to be fully exploited, such that even larger distances can be reached by 
this approach. 
 
For the file transfer at a ”kiosk in a store” and the wireless interconnect scenario, much 
shorter communication distances R are required. For a file transfer application, for exam-
ple, a maximum distance of 1 m may already be sufficient. For this, a small array could be 
implemented in the kiosk terminal and a single antenna in the customer’s portable device. 
Using a 4-element patch-antenna array in the kiosk terminal, the receiver’s antenna gain 
can then be as low as -6dBi, shown as case #4 in Table 3.1. 
 
Case #5 shows a possible wireless interconnect scenario. Here, only a single antenna is 
assumed on both sides of the radio link, which is a feasible assumption for a chip-to-chip 
interconnect, for example. If also for this scenario a 1 m communication distance is as-
sumed, antennas with at least 6dBi gain are acceptable. 
 
Finally, irrespective of the application scenario, in order to be accepted on the wireless 
consumer market, the cost of the complete module and, thus, of the antenna should be as 
low as possible, see [1, 2, 7]. For this, not only the materials and fabrication processes 
should be low-cost, the solution should also be flexible in order to cover as many applica-
tion scenarios as possible in order to achieve high production volumes. 
 
Hence, in summary, an integrated mm-wave antenna for the 60 GHz range should exhibit 
 A small size and light weight, low cost 
 Easy to integrate with monolithic microwave integrated circuits (MMIC) 
 High radiation efficiency and gain over the entire bandwidth, e.g. 
  >6dBi for general purpose antennas, 
  > -6dBi for file transfers on the customer side, 
 Beam forming capabilities, 
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 Readily amenable to mass production. 
 
Table 3.1. Possible antenna system configurations that satisfy the IEEE standard 
802.15.3c-2009 ([24]) at 60 GHz using the transmitter chip from [25] with an output power 
of PIC = 10dBm. 
 
 
 
 
Figure 3.1. Typical high frequency packages from NXP Semiconductors, see [26] (courtesy 
of NXP). 
 
 
 
3.2 Antenna-in-Package 
 
32 
 
3.2.1 Definition 
 
An Antenna-in-Package is here defined as an antenna that is integrated in the packaging 
technology of the IC. Furthermore, the antenna requires a physical interconnect to the on-
chip electronics, which can be clearly distinguished from the rest of the antenna structure. 
 
3.2.2 Review of typical IC packaging technologies 
 
Before going into detail about state-of-the-art packaging technology concepts for future 
mm-wave front-end modules, it is meaningful to first briefly review typical IC packaging 
technologies of already existing high-frequency products. Figure 3.1 shows some typical 
examples of high-frequency IC packages from NXP Semiconductors, see [26]. The most 
low-cost type is an over molded plastic-package (OMP packages), of which examples are 
shown in Figure 3.1(a). In its essence, it consists of a metallic lead-frame, on which the IC 
is placed. In order to connect the on-chip electronics to the lead-frame, standard low-cost 
wire-bond technology is usually used. For frequencies in the higher microwave range, how-
ever, the chip is often also placed up-side-down in order to connect the top-side of the chip 
directly to the leads of the package. This kind of chip assembly is commonly known as 
flip-chip technique.  
 
Figure 3.2. Conceptual drawings of typical multilayer AiP concepts. 
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Afterwards, the chip is then over molded with a plastic compound such that the chip is 
protected from external hazards, like moisture, but the metallic leads are still accessible 
from the outside and can be used to solder the package onto a larger system PCB. 
 
For high power applications, ICs often produce too much heat in order to use plastic as 
packaging material. Here, ceramic is used instead. Figure 3.1(b) shows two examples of 
such packages. Compared to plastic, ceramic packaging has the disadvantage of being ra-
ther costly and is, therefore, only used if the design specifications cannot be met otherwise. 
 
3.2.3 State-of-the-art 
 
3.2.3.1 Low-temperature co-fired ceramic packages 
 
One of the most often reported packaging technologies for AiP designs is known as low-
temperature co-fired ceramics (LTCC), see [27]. Typical examples of AiP concepts in this 
technology are, for example, published in [28, 29, 30]. As explained in [29], LTCC is al-
ready a popular packaging technology in the high-frequency industry since it offers low-
loss dielectrics, which can be easily stacked to create multiple metal layers for dense rout-
ing. Furthermore, open and closed cavities can be created in the multilayer stack, which 
can be used for integrating the IC here, as shown in Figure 3.2. Hence, using LTCC for the 
mm-wave range seems a natural choice. And indeed, most reported AiP designs in this 
technology achieve excellent performances. Some key results of references [28, 29, 30] are 
summarized in Table 3.2. The stated radiation efficiencies, however, often exclude the in-
sertion loss of the chip-to-package interconnect, such that lower values can be expected in 
practice. Furthermore, since LTCC is a ceramic packaging technology like the ones shown 
in Figure 3.1(b), it is often considered as too costly for the consumer electronics market. 
 
3.2.3.2 Printed circuit board packages 
 
In order to reduce the costs of a solution according to Figure 3.2, some research groups 
have proposed to use the same multi-layer approach with less costly high frequency circuit 
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materials, like the RO3000-series and RO4000-series from Rogers Corporation, see [31, 
32], or liquid-crystal-polymer substrates, see, for example, [33]. Good examples of such 
designs can, for instance, be found in [34, 35] and a very recently published AiP design 
that even uses a multilayer FR4-package, can be found in [36]. An overview of the key 
figures of all three PCB-based designs are also summarized in Table 3.2. From this, it is 
evident that these materials exhibit similar electric parameters to LTCC and that AiP de-
signs in those technologies achieve comparable performances. However, a problem with 
the alignment accuracy of multilayer PCB substrates was presented in [37]. Although this 
does not appear to be a commonly experienced issue, this potential problem should be 
considered very seriously since it might result in an insufficient yield in high volume pro-
duction. 
 
Table 3.2. Overview of typical state-of-the-art Antenna-in-Package designs. 
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Figure 3.3. Sketched cross-section of a typical silicon IC. 
 
3.3 Antenna-on-Chip 
 
3.3.1 Dentition 
 
Throughout this thesis, an Antenna-on-Chip is defined as an antenna that is integrated in 
the back-end of an IC, i.e., using a monolithic on-chip metallization process. 
 
3.3.2 Review of typical silicon IC technologies 
 
In order to understand above definition of an AoC, it is necessary to know some basics 
about typical silicon IC processes. Therefore, a sketched cross-section of such an IC in-
cluding typical material parameters is provided in Figure 3.3. At the bottom it shows the 
core material of every CMOS and BiCMOS technology, namely the silicon substrate. On 
the top side of this usually about 750μm thick (for state-of-the-art high-frequency wafer 
sizes) silicon bulk, the active components are created by locally adding dopants into the 
silicon lattice. In the following process step, a stack of silicon-dioxide layers is added on 
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top of the active components. After each of those layers, metal can be deposited in order 
to create traces for horizontal interconnects. 
 
Moreover, vertical interconnects (vias) that connect these metal layers can be implemented, 
as also indicated in Figure 3.3. Finally, the last metal layer (”metal 5” in the figure) is 
covered by a thin passivation layer that protects the top metal traces from external hazards, 
such as moisture. The complete stack of silicon-dioxide, metal, and passivation layer is 
usually not more than 10μm to 15μm thick. Since it is created in a ”back-end-of-line 
(BEOL) process”, this stack is often generally referred to as BEOL or simply as back-end 
of the IC. Finally, as a standard post-processing step, the silicon substrate can be ground 
down in order to reduce its thickness. A typical minimum silicon thickness after grinding 
is 200μm. 
 
For high-frequency applications, passive components, like inductors, are often imple-
mented in the back-end. Since the whole silicon bulk is usually pre-doped, however, it 
exhibits a low substrate resistivity of typically 10Ω-cm to 20Ω-cm. Thus, the losses in on-
chip inductors are typically quite high, see also Section 2.1.2 on the relation between resis-
tivity and loss tangent. Regardless of this drawback, pre-doping is necessary in order to 
prevent problems with active device parasitics. 
 
3.3.3 State-of-the-art 
 
As outlined in the previous section, it is common in high frequency IC designs to integrate 
passive components, like inductors, in the back-end. Hence, for frequencies at which the 
wavelength is comparable to the size of a complete silicon chip, it appears natural to also 
integrate the antenna here. The inherent advantage of this approach is that the antenna can 
be directly connected to the amplifier without the need for a mm-wave chip-to-off-chip 
interconnect. On one hand, this can minimize interconnect losses, see [1]. On the other 
hand, similar as for on-chip inductors, the low electric resistivity of the silicon substrate 
also introduces significant losses to the antenna. Those dielectric losses even have a more 
severe impact on on-chip antennas since, in contrast to inductors, their electric fields are 
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not mainly concentrated directly around the antenna but also penetrate deep into the silicon 
substrate. Hence, the radiation efficiency and, consequently, the gain are significantly af-
fected by this. The on-chip Yagi-antenna in a 0.18 m CMOS technology published in [38], 
for example, only achieved a radiation efficiency of 10 % and a gain of -8dBi. A suggestion 
that is often brought up with respect to the lossy silicon substrate, is to shield it from the 
antenna by implementing a metal plate in the lowest metal layer of the IC’s back-end 
(”metal 1” in Figure 3.3). A popular antenna example that is commonly mentioned in this 
regard is a patch antenna. As stated in [14], the distance between patch and ground plane 
should be between 0.003𝜆0 and 0.05𝜆0 for this antenna type. And although a back-end 
thickness of 15μm is right at the lower edge of this range, a significantly larger distance 
would be required in order to meet the bandwidth and radiation efficiency demands of the 
60 GHz band, as a study on a basic patch antenna configuration in [39] indicates. An inter-
esting consideration of an on-chip dipole with its resonance at 77 GHz, which is imple-
mented in a 15μm thick back-end with a ground plane in the lowest metal layer, is presented 
in [40]. Here, the authors mainly focus on the radiation efficiency of the antenna. Their 
conclusion is that due to the ohmic loss in the metal traces, the radiation efficiency of this 
configuration is as low as 5 %. Even at higher frequencies, this approach seems to remain 
troublesome since a 140 GHz slot antenna design with ground shield only achieved a max-
imum gain of -2dBi, see [41]. Finally, the use of frequency selective surfaces, including 
electromagnetic band-gap (EBG) structures and artificial magnetic conductors (AMC), as 
proposed by [5], have been reported. Examples of such designs were published in [42] and 
[43]. The 60 GHz antenna design on a 17.5Ω-cm silicon substrate from [42], however, only 
achieved a radiation efficiency of 19.6 % and a maximum gain as low as -2.1dBi. The 
design presented in [43] does not specify any silicon parameters, but the reported maximum 
gain of -3.7dBi indicates a similarly low efficiency. 
 
It shall be pointed out here, however, that besides the radiation efficiency issue with this 
antenna integration technology, all mentioned AoC designs achieved acceptable perfor-
mances as the key figures in Table 3.3 indicate. Note, however, that the broad impedance 
bandwidth, for example, might also be caused by significant substrate losses. 
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Hence, achieving a satisfactory result in terms of bandwidth and radiation efficiency in a 
standard CMOS or BiCMOS process appears to be a major challenge. However, there are 
several techniques that can enhance the performance of an on-chip antenna. Since they all 
require additional processing steps after the usual IC fabrication, those techniques are com-
monly referred to as post-processing techniques. But although those steps have proven to 
enhance the performance of on-chip antennas, the semiconductor industry is still reluctant 
to incorporate them into their standard portfolio. A reason often given for this is the in-
crease in fabrication costs and, therefore, the worries of losing competitiveness on the mar-
ket. Despite those worries, typical post-processing techniques will be briefly summarized 
in the following, in order to present all currently available, most important options here. 
For comparison, the key parameters of all following antenna designs are also provided in 
Table 3.3. 
 
Table 3.3. Overview of typical state-of-the-art Antenna-on-Chip designs. 
 
 
 
3.3.3.1 Superstrates, resonators, and lenses 
 
One possible method to improve the off-chip radiation of an antenna is to add an additional 
dielectric on top of the IC’s back-end. Possible options for this are a simple superstrate, a 
resonator, and a lens. A 90 GHz design using a superstrate, for example, achieved a radia-
tion efficiency of 44-62 %, see [44]. At nearly a third of that frequency, a 35 GHz slot 
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antenna design with metal shield in the lowest metal layer of the back-end and dielectric 
resonator on top of the slot achieved an efficiency of 59 %, see [45]. On-chip antennas 
including lenses were, for example, presented in [40, 46]. In both cases the lens was at-
tached at the bottom of the chip. Hence, the electromagnetic wave first has to penetrate the 
low resistive BiCMOS substrates. Therefore, the 77 GHz antenna design from [40] only 
achieved a maximum gain of 2dBi, which is rather low for a lens antenna. The design 
presented in [46], however, achieved 17.8dBi at 180 GHz with a stated radiation efficiency 
of 50 %. 
 
3.3.3.2 Micromachining 
 
Since the presence of lossy silicon is the core problem of the low radiation efficiencies of 
on-chip antennas, a typically used post-processing method is to locally remove the silicon 
substrate around the antenna. This technique is generally known as micromachining. One 
of the earlier works in this direction was published by O¨ jefors et al. in [47]. According to 
this reference, a 30 GHz on-chip full-loop antenna achieved a gain of 1.5dBi. Unfortu-
nately, an estimation of the radiation efficiency is not given, but in comparison to the above 
mentioned 60 GHz results without any post-processing, this gain indicates a rather good 
efficiency. 
 
3.3.3.3 MEMS 
 
Micro-electro-mechanical-systems (MEMS) are an up-to-date research topic on its own in 
the microwave and mm-wave communities. Also for on-chip antennas this technology of-
fers promising possibilities. The authors of [48], for example, present a MEMS-based on-
chip monopole antenna that stands perpendicularly on top of the IC. For this, the residual 
stress in a polymer based MEMS-process is used to create warping in the polymer during 
curing, resulting in the desired upright orientation of the monopole. Such an antenna con-
figuration allows the implementation of a metal plate in the back-end without sacrificing 
bandwidth or radiation efficiency. Unfortunately, no simulated radiation efficiency or gain 
is given in the reference and no gain pattern measurements are shown. From a transmission 
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measurement between two of those antennas, the authors estimated the efficiency to be 25 
%. This value seems rather low for this structure, however, which might be a result of the 
low signal to-noise-ratio of the transmission measurement, which is presented in the refer-
ence. Moreover, destructive interference with reflected waves from, for example, the probe 
station may have affected the measurement and caused this low result. Hence, in general, 
better efficiencies may be expected from such an antenna structure. 
 
3.3.3.4 Proton implantation 
 
Owing to the fact that the low radiation efficiency of on-chip antennas is mainly due to the 
pre-doped and, thus, low resistive silicon substrate, one might seek for a method to increase 
the resistivity in the vicinity of the antenna. One technique that can be used to achieve this 
is known as proton implantation. Already in 2003 the authors of [49] showed that by locally 
increasing the resistivity from 10Ω-cm to 106Ω-cm, a gain of 4.2dBi could be achieved for 
a 40 GHz printed monopole antenna, which indicates an excellent efficiency. Also the 
achieved bandwidth of about 15 % would be sufficient for operation in the 60 GHz band. 
 
3.4 Hybrid integrated mm-wave antenna 
 
3.4.1 Definition 
 
An antenna that is integrated in the same package with the front-end IC, but is neither 
implemented in the packaging technology nor in the back-end of the chip, shall here be 
referred to as hybrid integrated mm-wave antenna concept, or in short simply as hybrid 
concept. 
 
3.4.2 State-of-the-art 
 
Besides the AiP and AoC concept, several designs were published in recent years that can-
not be uniquely assigned to one of the two categories since the antenna is neither integrated 
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in the back-end of the IC nor in the IC packaging technology. One of the first of those 
designs was published in [50]. Here, a dipole antenna on a fused silica substrate was 
mounted half on-chip and half off-chip, such that the antenna could be directly connected 
to the on-chip electronics, see Figure 3.4(a). The bandwidth of this antenna concept covers 
the full 60 GHz band and the reported gain is 6dBi to 8dBi at a radiation efficiency of larger 
than 90 %, see Table 3.4. However, the fabrication process appears to be rather complex. 
A slightly different antenna concept was published three years later in [51]. Here, a patch 
antenna in standard PCB technology was directly connected to the back-end of the IC by a 
flip-chip technique, see Figure 3.4(b). By mounting a small  
 
 
Figure 3.4. Examples of hybrid integrated mm-wave antenna concepts. 
 
PCB onto the chip rather than mounting the chip up-side-down onto a PCB, low-cost plas-
tic packaging and bond-wire chip-top package interconnects could still be used. In the ref-
erence, the maximum achieved radiation efficiency including flip-chip interconnect is 
given as 60 % to 72 %, which results in a gain of 2dBi to 3.5dBi. Finally, even generic 
bond-wires can be used as antennas as shown in references [52, 53], which was even pa-
tented, see [54]. While in [52] the bond-wires are used as short monopoles (wire length of 
0.144𝜆0) and only achieve a radiation efficiency of 15 % to 30 %, the authors of [53] use 
half-circular bond-wires for building a Yagi-Uda array with a simulated efficiency of 74.6 
% to 90 % and a maximum gain of 6dBi to 8dBi. Also here, all key figures are provided in 
Table 3.4. From this, it can be concluded that hybrid integrated mm-wave antenna concepts 
seem to be an attractive alternative to pure AiP or AoC concepts. 
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Table 3.4. Overview of typical state-of-the-art hybrid integrated antenna designs. 
 
 
 
3.5 Discussion 
 
From the state-of-the-art overview in this chapter one can conclude that all three integration 
approaches can be used to design antennas that match the specifications of the 60 GHz 
band. The AoC approach, however, falls behind the AiP and hybrid approach in terms of 
radiation efficiency and gain. AiP and hybrid approach designs, on the other hand, may not 
be able to compete with the AoC in terms of cost due to their normally rather complex 
multi-layer packaging structure. Moreover, AiP concepts require an additional chip-to-off-
chip interconnect that requires extra design effort and introduces additional losses to the 
system. Therefore, the hybrid solution seems, at first glance, the best solution here. How-
ever, for frequencies beyond 60 GHz the structure size and fabrication accuracy of typical 
hybrid but also AiP technologies might be insufficient. This problem does not exist for the 
AoC approach, which was already very successfully tested in the terahertz band, see, for 
example, [10].  
 
Hence, instead of focusing on three integration approaches, the antenna on chip (AOC) 
option was investigated in the outline of this thesis. It shall be pointed out here, however, 
that besides the radiation efficiency issue with this antenna integration technology, all men-
tioned AoC designs achieved acceptable performances as the key figures in Table 3.3 in-
dicate. Since they all require additional processing steps after the usual IC fabrication, those 
techniques are commonly referred to as post-processing techniques. But although those 
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steps have proven to enhance the performance of on-chip antennas, the semiconductor in-
dustry is still reluctant to incorporate them into their standard portfolio. A reason often 
given for this is the increase in fabrication costs and, therefore, the worries of losing com-
petitiveness on the market. In this thesis, competitive antenna design concepts for this in-
tegration approach were developed to avoid these problems. Those concepts are based on 
basic antenna theories and types in order to focus the consideration on the antenna perfor-
mance with respect to the integration technology and the antenna topology. The concepts 
for antenna on chip element are presented in the following chapter, where special empha-
size is placed on the radiation efficiency. The problem of achieving sufficiently high gain 
values and beam-steering are then tackled in Chapter 6, which deals with considerations 
for antenna arrays. 
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Chapter 4 
Design and Analysis of Virtual loop antenna (VLA) 
 
4.1 Introduction  
 
The performance of planar antennas can be evaluated with the modeling method that is 
presented in previous chapter. To determine which antenna topology is most suited for the 
transceiver system, a number of requirements should be taken into account in the design. 
The most important requirements can be listed as follows: 
 
• The antenna should have sufficient bandwidth to cover the available unlicensed frequency 
band at 60 GHz. The available bandwidth is regulated differently in Europe, United States 
(US) and Japan. However, 5 GHz of unlicensed bandwidth is available throughout the 
world. 
 
• The antenna has to be integrated with active electronics and therefore the integration of 
the antenna and the radio-frequency integrated circuit (RFIC) should be given considera-
tion. Integration between antenna and RFIC improves the performance of the system, since 
this type of integration reduces loss significantly, has the ability to reject common-mode 
disturbances, and is easier to realize [55]. Therefore, an integrated antenna with a proper 
feed is required. 
 
• Since it is difficult to realize sufficiently high transmit power, it is important that the 
antenna element has high radiation efficiency such that losses are minimized. 
 
• The transceiver should be low-cost and therefore a standard planar manufacturing tech-
nology needs to be used for the realization of the antenna. A planar technology allows for 
a simple integration with the RFIC as well. 
 
• To fulfill the link budget requirements for multiple gigabit-per-second (Gbps) transmis-
sion, front-ends with several power amplifiers are needed to generate the required transmit 
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power at 60 GHz. Additionally, antennas are needed that have sufficient gain and that sup-
port beam-forming. To obtain sufficient gain and to realize beam-forming, antenna arrays 
are needed. Therefore the antenna element needs to be suited for integration in array con-
figurations. 
 
• The antenna should have a well-defined feed that is low-loss and does not influence the 
performance of the antenna element. Moreover, the antenna topology should support a feed 
network that is able to feed an antenna array as well. 
 
To summarize, an integrated antenna is needed that has a high radiation efficiency and 
sufficient bandwidth. Moreover, this antenna needs to be suited to be placed in array con-
figurations and has to be realized in a low-cost planar manufacturing technology. 
 
The main challenge of antenna design in a planar technology is the trade-off between radi-
ation efficiency and bandwidth. To obtain a large bandwidth, a relatively thick dielectric 
layer is needed [56]. However, a thicker dielectric layer introduces more losses due to sur-
face-wave excitation in the dielectric. A lot of work has been done to improve the radiation 
efficiency of planar antennas while maintaining a large bandwidth [57, 58]. Particularly, 
the use of electromagnetic band gap (EBG) materials that suppress the surface-wave exci-
tation has received a lot of attention [59, 60, 61]. However, EBG materials are either diffi-
cult to manufacture, or too large to be used in planar array configurations. Another ap-
proach to improve the radiation efficiency is presented in [62], where a superstrate antenna 
is used. This solution shows good performance, but is more complicated to realize, since 
the superstrate antenna is a separate component that has to be placed partly on top of the 
integrated circuit. 
 
As an alternative, a virtual loop antenna (VLA) is proposed here.. The concept proposed in 
this work avoids the extra steps but provides for good antenna efficiency. We propose the 
design of this antenna for use on CMOS ICs technology that promises to integrate a com-
plete 60GHz system on single chip that combines a good performance in both bandwidth 
and radiation efficiency. The design is based on assumptions that conductor and conductive 
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pad are imaged in ground plane to form a loop antenna. The resulting design is completely 
planar, and the use of via is avoided. This result in inherently low fabrication cost, light 
weight, and low volume antenna. Its design is essentially a joint optimization of bandwidth 
and power efficiency. The design of this integrated loop antenna for use on 60GHz CMOS 
receivers was based on silicon substrates of low resistivity that varies from 5- 20Ω-cm.  
The design was based on intensive electromagnetic simulations using HFSS software pack-
age.  The width and length of the antenna is less than half a free-space wavelength, such 
that the antenna can be readily used for the realization of a planar beam-forming array. 
 
The selection of technology is discussed in detail in Section 4.2, whereas design effort of 
antenna element on silicon substrate is discussed in Section 4.3. Antenna configuration and 
modelling is considered in Section 4.4. Another aspect that is of importance with electro-
magnetically-coupled virtual loop antenna (EMC-VLA) is antenna quality factor which is 
investigated in Section 4.5. Optimization of the antenna is investigated in section 4.6. The 
design of electromagnetically-coupled virtual loop antenna (EMC-VLA) and probe fed vir-
tual loop antenna (PF-VLA) is investigated in section 4.7 and 4.8.  Surface wave analysis 
is performed in Section 4.9. Here, the effect of a finite-sized dielectric on the radiation 
pattern is investigated as well. Ground plane configurations are discussed in Section 4.10 
To simplify the modeling of the antenna, sometimes the effect of the metal thickness and 
finite conductivity are not included in the model. The effects of this assumption are dis-
cussed in section 4.11. Finally, electromagnetic interference is discussed to improve the 
accuracy of the model in section 4.12. 
 
4.2 Technology choice 
 
Based on the results of the literature study in Section 3.3, an AoC concept was developed 
in standard IC fabrication technology. For this, NXP’s CMOS process Qubic4X was cho-
sen as integration technology due to its relatively high substrate resistivity of about 20 ohm-
cm, see [63]. Qubic4X features an approximately 10𝜇m thick back-end with five metal 
layers, see also Figure 3.3. Moreover, NXP grinds down their wafers to a minimum silicon 
47 
 
thickness of 200 m as a standard processing step. Similar to the micromachining post-pro-
cessing technique described in Section 3.3, substrate thinning is used here to increase the 
radiation efficiency of the on-chip antenna design. In contrast to micromachining, however, 
the used grinding process is a standard technique in the semiconductor world and does not 
significantly increase the fabrication costs. With respect to the antenna type, an on-chip 
planar structure was chosen to realize virtual loop antenna since, just like for the AOC 
design from the preceding chapter, a single-fed antenna topology is preferred that can be 
implemented in the electrically thin back-end of the IC. 
 
4.3 Design Efforts on silicon substrate  
 
Silicon substrates introduce special challenges for high efficiency millimeter wave on-chip 
antennas. First, their low resistivity of 0.1-20 Ω-cm results in high dielectric loss and sig-
nificantly reduces the antenna efficiency. Second, TE and TM surface waves are easily 
triggered in 200-500μm thick silicon substrates and can have serious detrimental effects on 
the antenna pattern and efficiency [64, 65]. In the past few years, a lot of work has been 
done on on-chip antennas. A 24 GHz transmitter with on-chip zigzag dipole with a meas-
ured gain around -12 dB is presented in [66]. Zhang et al. presented on-chip inverted-F and 
quasi-Yagi antennas with gains of -19 dB and -12.5 dB at 61 GHz and 65 GHz, respectively 
[67]. A 60 GHz millimeter-wave on-chip dipole antenna with a gain of -10 dB in a 0.18μm 
CMOS process is presented in [68]. Hsu et al. presented a 60 GHz CPW-fed on-chip Yagi-
Uda antenna with a measured gain of -10 dB [69]. A 140 GHz receiver with -25 dB gain 
on-chip antenna is presented in [70]. A triangular loop antenna adjacent to a lossy silicon 
substrate is presented in [71]; the antenna has a simulated gain of -0.4 dB at 60 GHz and a 
measured gain of 0.9 dB using a scaled model at 2GHz. A Yagi-Uda array of wire-bond 
antennas with a measured gain of 8 dB at 40 GHz is presented in [72]. This antenna occu-
pies a large space on wafer, and is not suitable for dense integrated circuits. Wu et al. also 
presented 60 GHz bond-wire antennas with >30% efficiency [73]. Hirokawa et al. pre-
sented a dipole antenna on a thick resin layer on the back of a silicon chip with a gain of 
3.1 dB at 60 GHz [74]. Except for the bond wire and the thick resin layer antenna, all 
integrated circuit antennas have low gain and low efficiency at mm-wave frequencies. As 
48 
 
an alternative, an antenna design is proposed here that is named virtual loop (VLP) antenna. 
The concept proposed in this paper avoids the extra steps but provides for good antenna 
efficiency. We propose the design of this antenna for use on CMOS ICs technology that 
promises to integrate a complete 60GHz system on single chip that combines a good per-
formance in both bandwidth and radiation efficiency. The design is based on assumptions 
that conductor and pad are imaged in ground plane to form a loop antenna. The resulting 
design is completely planar, and the use of vias is avoided. This result in inherently low 
fabrication cost, light weight, and low volume antenna. This antenna can be suited to be 
placed in array configurations and has to be realized in a low-cost planar manufacturing 
technology to obtain sufficient gain and to realize beam-forming, antenna arrays 
 
4.4 Antenna configuration and Modelling 
 
Popular strategy for making antennas electrically smaller and lowering their profiles is to 
use ground planes and short circuits. The principle can be easily explained by the well 
known example of the monopole compared to the dipole. A dipole has a length of roughly 
half a wavelength at resonance. This dipole height can be halved by replacing one dipole 
arm with a ground plane, which will, in turn, create a virtual dipole arm, according to image 
theory [75]. The principle can also be extended to planar printed antennas by adding short 
circuits to the ground planes. The proposed antenna configuration, as shown in Fig. 4.1, is 
Fig. 4.1: Virtual loop antenna configuration 
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a loop antenna where half of it is due to the image in the ground plane and the loop is 
completed not by a continuous conductor but by a capacitance realized by a conductive 
pad and whose rf impedance is low enough to be essentially a short circuit. The figure 
shows that a rectangular strip and a capacitor pad are printed on the top plane of silicon 
substrate of thickness of h=0.25mm and a relative dielectric constant of 𝜀𝑟=11.9 and sub-
strate resistivity of 10-20Ω-cm. The design is based on assumptions that conductor and pad 
are imaged in ground plane to form a virtual current loop antenna. This result in inherently 
low fabrication cost, lightweight, and low volume antenna. For design studied here using 
HFSS software package, the following dimensions related to structure are determined as 
length of antenna 𝑙𝑎=0.48mm, width of antenna 𝑤𝑎= 0.05mm, length of pad 𝑙𝑝=0.12mm, 
width of pad 𝑤𝑝= 0.15mm and substrate thickness ℎ𝑠=0.25mm as baseline dimensions. The 
antenna length chosen was approximately quarter wave length at 60GHz. 
 
The antenna is first analyzed with aid of finite element method approach. To reduce the 
computational effort that is needed to analyze the performance of the antenna, the approach 
does not include the effect of the finiteness of the dielectric layers. For normal board sizes, 
the finiteness of the dielectric does not affect the impedance matching of the antenna. At 
the edges of the finite dielectric, the surface waves scatter and distort the radiation pattern. 
As a result of this, a ripple will be superimposed on the radiation pattern [45]. This effect 
will be analyzed separately and is discussed in Section 4.9. 
 
The metal layers have also been modeled as perfect electric conductors with zero thickness. 
This approximation reduces the complexity of the model since it treats the metal layers as 
two-dimensional structures. Therefore, less time and computation are needed to analyze 
the performance of the antenna. The effect of finite conductivity and metal thickness is 
evaluated in future Section. The feed structure below the ground plane using probe fed and 
the antenna structure plane above the ground plane using microstrip line can be analyzed 
separately. 
 
 
4.4.1 AOC electrical circuit Model 
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Figure 4.1 above shows the layout of a planar microstrip antenna on chip (AOC). The first 
metal layer, the routing layer, is sandwiched between two insulating layers. In this work, 
silicon dioxide is used as the insulation layer. In order to efficiently identify the optimal 
antenna layout and account for its parasitic in circuit simulations, an accurate equivalent 
model is required. A few equivalent electrical models for microstrip antenna are available 
that de 
scribe the antenna behavior in a wide range of frequencies [76-83]. The simplest model is 
shown in Fig. 4.2 (b), where L, C and R represent the inductance, capacitance and resistance 
of the antenna and is computed using either of the equations discussed in this section. 
The AoC solution features the integration of antennas or arrays together with other front-
end circuits on the same chip in mainstream silicon technologies such as SiGe or CMOS. 
It should be mentioned that the AoC is not simply a matter of straightforward copy of 
integrated antennas developed in GaAs, for instance, via-to-ground can be easily realized 
through the substrate in standard GaAs, but not in a standard silicon process. Fig. 4.2 (a) 
shows the cross section of a silicon chip. Note that multiple metal layers are embedded 
between insulator layers on the substrate. In a standard silicon process, the thickness of 
metal layers ranges between 0.2 to 4μm and the insulator layers between 0.2 to 1μm. The 
number of metal layers is currently 6–8 and the separation from the top to bottom metal 
Fig. 4.2: Equivalent circuit model of an AOC with an off-chip ground 
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layers rarely exceeds 15μm. The thickness of the substrate is typically 500–750μm. The 
metal is either aluminum or copper. The insulator is SiO2 or its variations with 𝜀𝑟 =2.2–4. 
The substrate is silicon with and is doped to exhibit low resistivity ρ=10Ω-cm, which is 
substantially smaller than that of GaAs substrates (𝜌 = 107-109  Ω-cm). 
 
The largest die size of the current 60-GHz radio in silicon is about 6.4𝑚𝑚2.Considering 
the possibility of integrating more circuits such as the baseband processor on the same chip, 
one can expect that the die size may increase to tens of 𝑚𝑚2. Consequently, more area 
may be available to integrate more antenna elements in an array format. Nevertheless, we 
believe that high-directivity AoC is not practical at 60-GHz with the expected die size. The 
key parameters for the AoC thus become input impedance bandwidth and radiation effi-
ciency [84]. 
 
Fig.4.2 (b)  shows an AoC equivalent circuit model. In the model, the series branch com-
prises Rr, Rc, Rsw, Ld and Cd. Resistances Rr, Rc and Rsw account for the radiation, conductor, 
and surface-wave losses of the AoC, respectively. And Ld and Cd are the inductance and 
capacitance of the AoC, respectively. The shunt branch consists of Cox, Csub, and Rsub. Cox 
represents the oxide capacitance between the AoC and the silicon substrate. Csub and Rsub 
are the silicon substrate capacitance and resistance, respectively. 
 
The input impedance of the AoC can be written from the equivalent circuit model as, shown 
in fig. (4.2) above, 
 
𝑍𝑖𝑛(𝑗𝜔) =
1 − 𝜔2(𝐶𝑑𝐶𝑠𝑅𝑑𝑅𝑠 + 𝐶𝑑𝐿𝑑)] + 𝑗{𝜔[(𝐶𝑑𝑅𝑑 + 𝐶𝑠𝑅𝑠(1 − 𝜔
2𝐶𝑑𝐿𝑑))]}
[−𝜔2𝐶𝑑𝐶𝑠(𝑅𝑑 + 𝑅𝑠)] + 𝑗[𝜔(𝐶𝑑 + 𝐶𝑠 − 𝜔2𝐶𝑑𝐶𝑠𝐿𝑑)]
       (4.1) 
 
Where 
𝑅𝑑 = 𝑅𝑐 + 𝑅𝑟 + 𝑅𝑠𝑤                                                                                        (4.2) 
𝑅𝑠 =
𝑅𝑝
1 + 𝜔2𝑅𝑝2𝐶𝑝2
                                                                                           (4.3) 
And 
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𝐶𝑠 = 𝐶𝑝 [1 +
1
𝜔2𝑅𝑃
2𝑐𝑃
2]                                                                                   (4.4) 
 
With 
𝑅𝑝 =
1 + 𝜔2𝐶𝑠𝑢𝑏
2 (𝐶𝑠𝑢𝑏 + 𝐶𝑜𝑥)
2
𝜔2𝑅𝑠𝑢𝑏𝐶𝑜𝑥2
                                                                   (4.5) 
And 
𝐶𝑝 =
𝜔𝐶𝑜𝑥 + 𝜔
2𝑅𝑠𝑢𝑏
2 𝐶𝑠𝑢𝑏(𝐶𝑠𝑢𝑏 + 𝐶𝑜𝑥)𝐶𝑜𝑥
1 + 𝜔2𝑅𝑠𝑢𝑏
2 (𝐶𝑠𝑢𝑏 + 𝐶𝑜𝑥)2
                                              (4.6) 
 
The radiation efficiency of the AoC can be expressed as 
 
𝜂 =
𝑅𝑟
𝑅𝑒[𝑍𝑖𝑛(𝑗𝜔𝑑)]
                                                                                           (4.7) 
 
Where 𝑅𝑒[𝑍𝑖𝑛(𝑗𝜔𝑑)] is the real part of the input impedance of the AoC at the resonance 
angular frequency 
 
𝜔𝑑 =
1
√𝐿𝑑𝐶𝑑
                                                                                                     (4.8) 
Note that from 𝑅𝑝 ∝ 𝑅𝑠𝑢𝑏 from (4.5) and 𝑅𝑠 ∝ 1 𝑅𝑝 ⁄ from (4.3), this leads to 
 
𝑅𝑠 ∝
1
𝑅𝑠𝑢𝑏
∝
1
𝜌
                                                                                                  (4.9) 
 
It is found numerically from (4.7) that the silicon substrate of low resistivity results in poor 
radiation efficiency. 
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Virtual rectangular loop antenna has been used in the AoC designs on silicon substrate with 
resistivity of 10 ohm-cm. The antennas are designed for the 60-GHz band. Fig. 4.3 shows 
the HFSS simulated efficiency of the designed AoC with an off-chip ground shield. The 
AoC is an on-chip virtual loop that has an arm size of 480μm x 50μm x 5μm and is placed 
away from the edge of a die size of 5mm x 5mm x 0.25mm by 100μm. The AoC is assumed 
to be realized using the top metal (copper) supported by a 9μm SiO2 layer on a 250μm Si 
substrate of low resistivity ρ=10Ω-cm. Note that the simulated efficiency of the AoC is 
poor, only 11.5% at 60 GHz. This is expected from the combined effect of the low resis-
tivity and high permittivity of the silicon substrate. The low resistivity causes loss due to 
heating in the presence of an electric field in the substrate and the high permittivity causes 
loss due to power trapped in surface-wave modes in the substrate. To improve the AoC 
efficiency, it is important to know which is the major contributor to the poor AoC effi-
ciency, the low resistivity, or the high permittivity. Fig. 3 also shows the HFSS simulated 
AoC efficiency results for both high resistivity and macro porous Si, respectively. For the 
case of high resistivity Si, the resistivity is increased to ρ=1000Ω-cm; while for the case of 
macro porous Si, εr=2.2 for the SiO2 layer and εr=6 for the Si substrate are assumed. It is 
evident from the figure that the low resistivity is the dominant factor to poor AoC efficiency 
[85]. 
 
 
 
Fig. 4.3: Simulated AOC efficiency results with off-chip ground 
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4.4.2 Antenna Model Parameter Extraction 
 
4.4.2.1 Series Resistance 
 
The current density in a conductor strip is uniform at dc. However, as frequency increases, 
the current density becomes non-uniform due to the formation of eddy currents. The eddy 
current effect occurs when a conductor is subjected to time-varying magnetic fields and is 
governed by Faraday’s law [86, 87]. Eddy current manifest itself as skin and proximity 
effects. According to the Lenz’s law, eddy currents produce their own magnetic fields to 
oppose the original field. In the case of the skin effect, the time varying magnetic field due 
to the current flow in a conductor induces eddy currents in the conductor itself. The prox-
imity effect takes place when a conductor is under the influence of a time-varying field 
produced by a nearby conductor carrying a time-varying current. In this case, eddy current 
is induced whether or not the first conductor carries current. If the first conductor does 
carry a time-varying current, then the skin-effect eddy current and the proximity-effect 
eddy current superpose to form the total eddy current distribution. Regardless of the induc-
tion mechanism, eddy currents reduce the net current flow in the conductor and hence in-
crease the ac resistance. Since the antenna is designed on multi-conductor layer structure, 
eddy currents are caused by both proximity and skin effects. 
 
The distribution of eddy currents depends on the geometry of the conductor and its orien-
tation with respect to the imposing time-varying magnetic field. The most critical parame-
ter presenting the skin effect is the skin depth. The skin depth is also known as the “depth 
of penetration” since it describes the degree by which the electromagnetic field penetrates 
into the thickness of a conductor at high frequencies. The severity of the skin effect is 
determined by the ratio of skin depth to the conductor thickness. The eddy current effect is 
negligible only if the depth of penetration is much greater than the conductor thickness 
(e.g., at frequencies close to dc). 
 
Current distribution in a conductor is strongly dependent on the location of the ground 
plane. In case of the isolated conductor, at low frequencies where the skin depth is in the 
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order of the strip thickness, the current distribution is almost uniform across the thickness 
of the conductor. If this condition is satisfied, the ac resistance of the conductor per unit 
length can be calculated from: 
 
𝑅𝑎𝑐,𝑓→0 = 𝑅𝑑𝑐 =
1
𝜎𝑤𝑡
                                   𝑡 ≤ 2𝛿                                  (4.10) 
 
Where 𝜎the metal conductivity, and w and t is are the conductor width and thickness, 
respectively. 
 
At high frequencies however, when the skin depth is much smaller than the strip thickness 
(say 𝑡 > 4𝛿), a nearly exponential penetration of the electric field distribution in the con-
ductor can be observed. This behavior of the current distribution is used to find the approx-
imate formula for the ac resistance of an isolated strip [88]. 
 
𝑅𝑎𝑐,𝑓→∞ = 𝑘
𝑙
2𝜎𝛿(𝑤 + 𝑡)
           𝑡 ≥ 4𝛿                                                    (4.11) 
 
where l, w and t are the conductor length, width and thickness, respectively. 𝜎 is the con-
ductivity of the strip, and 𝛿is the metal skin depth. k is the correction factor, which depends 
on w and t. 
On the other hand, for a microstrip line with large w/h ratio, current recedes to the bottom 
surface of the conductor [89-92]. The w and h are the width of the conductor and the 
Fig. 4.4: Effective area of current flow at high frequencies where (a) w/h → 0 
and (b)w/h → ∞. 
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thickness of the substrate (distance of the antenna structure to the ground plane), respec-
tively. The current distribution is otherwise almost uniform across the height of the con-
ductor. Figure 4.4 compares the current density distribution for two extreme cases of w/h 
ratio. For microstrip conductors at high frequencies the effective thickness can then be 
approximated by 
 
𝑡𝑒𝑓𝑓 = 𝛿(1 − 𝑒
−𝑡/𝛿)                                                                                     (4.12) 
 
And as a result, the series resistance, 𝑅𝑠can be expressed as 
 
𝑅𝑠 =
𝜌𝑙
𝑤𝑡𝑒𝑓𝑓
                                                                                                     (4.13) 
 
Based on Eq. 4.13, resistance of a microstrip line does not decrease by increasing its thick 
ness in excess of 5×skin depth. On the contrary, having an isolated strip structure for the 
antenna allows reduction of the series resistance by increasing the thickness of the conduc-
tor, even in excess of 5×skin depth. To take advantage of this phenomenon, antenna struc-
tures used in this thesis are microstrip with distant ground, knowing that microstrip struc-
tures with distant ground behave like isolated strips. Therefore, the equivalent series re-
sistance can be calculated from: 
 
𝑅𝑠 = √(
𝑙
𝜎𝑤𝑡
)
2
+ (
𝑘𝑙
2𝜎𝛿(𝑤 + 𝑙)
)
2
                                                            (4.14) 
 
SONNET simulation results also confirm that for microstrip antenna with distant ground, 
current also flows on the top surface of the conductor. The verification of this fact is shown 
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in Fig. 4.5 (red color shows the highest current density). At 60GHz the current is confined 
closer to the metal walls, showing the effect of the skin depth. 
 
4.4.2.2 Series Capacitance and Substrate Parasitic 
 
As it was previously mentioned, 𝐶𝑠 represents the feed-through effect as well as the side-
wall parasitic capacitances. The contribution of sidewall parasitic is negligible due to the 
insignificant voltage difference between the two adjacent strips, and Cs can be calculated 
from: 
 
𝐶𝑠 =
𝜀𝑑𝑖𝑙𝑒𝑐𝑡𝑟𝑖𝑐𝐴𝑜𝑣𝑒𝑟𝑙𝑎𝑝
𝑑
= 𝑛𝑤2
𝜀𝑜𝑥
𝑡𝑜𝑥𝑀1−𝑀2
                                                 (4.15) 
 
The high frequency loss of Si substrate is represented in 𝐶𝑠𝑖 and 𝑅𝑠𝑖. Specifically, Rsi is 
originated from the creation of eddy currents in the low resistivity S The high frequency 
loss of Si substrate is represented in 𝐶𝑠𝑖 and 𝑅𝑠𝑖. Specifically, Rsi is originated from the 
creation of eddy currents in the low resistivity Si substrate and 𝐶𝑠𝑖 models the high fre-
Fig. 4.5: Current density of a microstrip antenna at 1 GHz and 60 GHz (a) and(c) 
at the top surface of metal, (b) and (d) at the bottom surface of metal. 
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quency capacitive effect occurring in the semi-conductors. To extract the substrate charac-
teristic, dummy structures should be included on the substrate. Assume a rectangular 
dummy pad to have a measured impedance of 𝑍𝑝𝑎𝑑. 𝑅𝑠𝑖 and 𝐶𝑠𝑖 can be approximated by: 
 
𝑍𝑝𝑎𝑑 = 𝑅𝑝𝑎𝑑 +
1
𝑗𝜔𝐶𝑝𝑎𝑑
                                                                               (4.16) 
 
𝑅𝑠𝑖 = 𝑅𝑝𝑎𝑑 ×
𝑝𝑎𝑑 𝑎𝑟𝑒𝑎
𝑡𝑜𝑡𝑎𝑙 𝑖𝑛𝑑𝑢𝑐𝑡𝑜𝑟 𝑎𝑟𝑒𝑎
                                                         (4.17) 
 
𝑅𝑠𝑖 = 𝑅𝑝𝑎𝑑 ×
𝑡𝑜𝑡𝑎𝑙 𝑎𝑛𝑡𝑒𝑛𝑛𝑎 𝑎𝑟𝑒𝑎
𝑝𝑎𝑑 𝑎𝑟𝑒𝑎
                                                          (4.18) 
 
4.5 Antenna Quality Factor 
 
The quality factor is a figure of merit that is representative of the antenna losses. Typically 
these are radiation, conductors (ohmic), dielectric and surface wave losses. 
 
The general expression for the quality factor is: 
 
𝑄 =
𝑒𝑛𝑒𝑟𝑔𝑦 𝑠𝑡𝑜𝑟𝑒𝑑
𝑒𝑛𝑒𝑟𝑔𝑦 𝑙𝑜𝑠𝑡
                                                                                    (4.19) 
 
For antennas, the only undesirable sources of storing energy are magnetic and electric 
fields and hence any source of storing electric and energy such as capacitances and induc-
tors are considered as a parasitic. As a result, Q of an antenna can be simplified as follow: 
 
𝑄 = 2𝜋𝑓0
𝑝𝑒𝑎𝑘 𝑠𝑡𝑜𝑟𝑒𝑑 𝑒𝑙𝑒𝑐𝑡𝑟𝑖𝑐 𝑒𝑛𝑒𝑟𝑔𝑦
𝐸𝑛𝑒𝑟𝑔𝑦 𝑑𝑖𝑠𝑠𝑖𝑝𝑎𝑡𝑒𝑑 𝑝𝑒𝑟 𝑐𝑦𝑐𝑙𝑒 𝑜𝑓 𝑜𝑠𝑐𝑖𝑙𝑙𝑎𝑡𝑖𝑜𝑛
                  (4.20) 
 
The frequency at which the peaks of electric and magnetic energies are equal is called the 
self-resonance frequency (SRF). Quality factor becomes zero at SRF. At frequencies higher 
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than SRF, the antenna does not behave as an antenna anymore. The total quality factor Qr 
is influenced by all of these losses mentioned above and is, in general, written as by (Ap-
pendix A) 
 
1
𝑄𝑟
=
1
𝑄𝑟𝑎𝑑
+
1
𝑄𝑐
+
1
𝑄𝑑
+
1
𝑄𝑠𝑤
                                                                     (4.21) 
Where 
𝑄𝑟=total quality factor 
𝑄𝑟𝑎𝑑=quality factor due to radiation (surface wave) losses 
𝑄𝑐= quality factor due to conduction (ohmic) losses 
𝑄𝑑= quality factor due to dielectric losses 
𝑄𝑠𝑤=quality factor due to surface waves 
 
4.5.1 Metal and Substrate loss quality factor 
 
Metal loss is due to the finite conductivity of the metal conductors together with the skin 
and proximity effects presented at high frequencies. 𝑅𝑠 in the equivalent circuit model 
represents the metal loss. In this work, metal loss is reduced by electroplating thick Cu 
(~20µm) and eliminating the effect of ground plane by increasing the signal to ground 
distance in the antenna layout. The thickness of routing metal (first metal) and the insulat-
ing SiO2 layers are said by processing constrains. To alleviate the effect of routing layer on 
the overall Q, the length of this layer must be kept as short as possible. 
 
At RF frequencies, induced currents in the Si substrate limit the Q by converting the elec-
tromagnetic energy into heat. Equations 4.22 and 4.23 show components of the induced 
current in the substrate at the presence of electromagnetic fields [93]. 
 
∇ × 𝐻 = 𝑗𝜔𝜀′𝐸 + 𝜔𝐸′𝑡𝑎𝑛𝛿𝐸 + 𝜎𝐸                                                          (4.22) 
 
∇ × 𝐸 = −𝑗𝜔𝜇𝐻,        𝐽 = 𝜎𝐸                                                                         (4.23) 
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where 𝜎and 𝑡𝑎𝑛𝛿 represent the substrate conductivity and loss tangent, respectively; 𝜔 is 
the angular frequency, 𝜀′ and 𝜀′′ are the real and imaginary part of the substrate permit-
tivity and 𝜇 is the permeability. For low-resistivity substrates such as CMOS-grade Si, the 
electrically induced current (𝜎𝐸) dominates over the dipole loss (𝜔𝜀′𝑡𝑎𝑛𝛿𝐸). However, 
for high-resistivity substrates the dipole loss is the determining loss mechanism. At higher 
frequencies, creation of the magnetically induced eddy current in low-resistivity substrates 
(Eq.4.23) also limits Q. 
 
These two sources of loss are independent and the unloaded Q can be expressed by [120]: 
 
1
𝑄
=
1
𝑄𝑑
+
1
𝑄𝑐
                                                                                                  (4,24) 
 
Where 𝑄𝑑 and 𝑄𝑐 represent quality factor of substrate loss and the ohmic loss of metal 
strips, respectively. At very low frequencies, the DC series resistance of the metal layers is 
the dominant mechanism for determining the Q. At higher frequencies, skin effect and prox-
imity effects reduce the effective area of current flow and thus further limits the Q. At even 
higher frequencies, loss mechanisms present in the substrate settles the lower limit on the 
Q. To investigate the validation of Eq. 4.24 and to better understand the contribution of 
Fig. 4.6: (Left) Quality factor vs. frequency for a virtual loop antenna and (right) Com-
parison of the calculated Q (by Eq.4-24) and simulated Q (antenna length=500μm, an-
tenna width=50μm, and metal thickness=5μm. ρ=10Ω.cm). 
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each loss-mechanism in Q, SONNET simulations were carried out. Two sets of simulation 
were performed to study the effect of each source of loss. Metal loss was determined by 
assuming that the antenna is elevated in vacuum. On the other hand, the substrate loss was 
considered by using ideal metal conductors. By using thin substrate (h « 𝝀0), the losses 
due to surface waves are very small and can be neglected. Figure 4.6 illustrates the 
SONNET simulation results. As can be seen, metal loss is the dominant loss mechanism at 
low frequencies, while the substrate loss sets the lower limit on the Q at higher frequencies. 
To obtain high efficiency antenna, the effect of both the substrate and the metal loss has 
been effectively suppressed 
 
4.6 Optimization of the antenna physical dimensions 
 
The quality factor is antenna figure-of-merit which is interrelated to antenna physical di-
mensions, and there is no complete freedom to independently optimize each one. There is 
always a trade-off between them in arriving at an optimum antenna performance. In order 
to obtain the highest possible efficiency for antennas fabricated on low resistivity Si, all 
physical dimensions of antenna are optimized based on quality factor using SONNET sim-
ulation tool. Optimization is based on minimizing ohmic, dielectric and surface wave losses 
To find the optimized value of each parameter, all other parameters are kept constant. The 
optimized parameters are: 
 
4.6.1 Metal thickness 
 
SONNET calculates the total surface impedance, impedance per unit area, of a thick metal 
by [104]: 
 
𝑍𝑠 =
(1 + 𝑗)𝜌
1 − 𝑒
(1+𝑗)𝑡
𝑁𝛿
                                                                                            (4.25) 
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where 𝜌 is the metal resistivity, 𝛿 is the skin depth, t is the metal thickness and N is the 
number of conductor sheets that SONNET requires to estimate the thickness of the metal. 
By increasing t, surface resistance drops exponentially and therefore Q increases. Figure 
4.7 illustrates the dependency of the Q on the metal thickness. Simulation results confirm 
the Q improvement with metal thickness in excess of 5×δ 
 
4.6.2 Oxide thickness 
 
Optimum value for the oxide thickness cannot be obtained by SONNET simulation tool as 
it is computationally intensive. To have an estimate of the required oxide thickness, simu-
lations were done assuming the substrate is covered with a thick oxide layer. SONNET 
simulations indicate an increase in the antenna Q with oxide thickness up to 50μm for 
60GHz antenna (Fig. 4.8). The optimum value of the dioxide thickness could be close to 
50μm but needs to be obtained experimentally. 
 
Fig. 4.7: Q vs. metal thickness using SONNET thick metal model N= 5 for 6μm 
metal 
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4.6.3 Substrate thickness  
 
A study of integrated microstrip dipoles in GaAs shows that optimum radiation efficiency 
can be obtained when the substrate thickness is chosen at the cutoff thickness of the sur-
face-wave TE0 mode given by 𝝀g/4 where 𝝀g is the guided wavelength in the substrate [94]. 
This choice is appropriate for GaAs, but not for silicon substrates because they have very 
low resistivity resulting in significant ohmic losses that cannot be neglected. A careful in-
vestigation of radiation and propagation mechanisms shows that the AoC efficiency can be 
improved by thinning silicon substrates. According to mode theory, substrate thinning to 
less than 𝝀g/4 cuts off all surface-wave modes except TM0. This mode contributes con-
structively to the directly radiated field through reflection at the ground plane and refraction 
at the substrate-air interface, thus improving the radiation efficiency. 
 
The TM0 surface-wave mode is an approximate plane wave because the E-field component 
is quite weak in the mode propagation direction. It undergoes large attenuation over the 
propagation in the substrate of low resistivity. To have a smaller attenuation, the substrate 
should be chosen much thinner than the thickness T given by 
 
𝑇 = [𝜔√
𝜇𝑟𝜇0𝜀𝑟𝜀0
2
(√1 + (
1
𝜔𝜌𝜀𝑟𝜀0
) − 1)]
−1
                                                        (4.26) 
 
Fig. 4.8: Q vs. oxide thickness (metal thickness=7μm, antenna width=50μm, an-
tenna length=480μm)  
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where the symbols have their usual meaning. As an example, consider a silicon substrate 
with 𝜀𝑟=11.9 and ρ=10Ω-cm, we find T to be 1.3 mm at 60 GHz. Choosing a thickness 5 
times thinner than this value yields 260μm, which happens to be around the wafer thick-
ness, thinned before dicing. HFSS simulation shows that the efficiency of the AoC on a 
250μm Si substrate can be doubled to 23% at 60 GHz. Further thinning is possible, but 
more mechanical and reliability issues arise. In addition to substrate thinning, other ap-
proaches are available in a volume process such as placing the antenna nearest to the chip 
edge or furthest to the substrate which can also improve the AoC efficiency. 
 
4.6.4 Dielectric Truncation  
 
As discussed in previous section, the existence of a dielectric layer over a conducting 
ground plane in microstrip antennas is responsible for the excitation of surface waves along 
the air-dielectric interface. Neglecting dielectric losses, these waves propagate without at-
tenuation in a direction parallel to the interface while, in the normal direction, they decay 
exponentially without propagation. In most practical applications the conducting ground 
plane is sufficiently large and may be assumed as having infinite dimensions. For various 
Fig. 4.9: the effect on radiation pattern due to truncation of Substrate. (a) E-plane 
infinite dielectric (solid line), Finite (dotted line (b) H-plane infinite dielectric 
(solid line) finite dielectric (dotted line) 
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reasons the dielectric layer is smaller than this plane and cannot always be considered as 
having infinite dimensions. In other words, in many cases the dielectric should be consid-
ered as truncated after a certain distance from the conducting structure that constitutes the 
antenna. It is known [l] that the surface waves radiate some of their energy as they reach a 
discontinuity and that the electromagnetic fields from this radiation add to the space wave 
fields to produce the total radiated fields from the structure. The effect on the radiation 
patterns of the antenna due to changes in the size of the truncated dielectric will be shown 
in fig. 4.9. The main assumption made is that the distance between the antenna edge and 
the edge of the truncated dielectric is sufficiently large so that the position of truncation 
occurs in a far field region. 
 
To investigate the effect of the surface-wave scattering at the edges of the dielectric, the 
simulated radiation patterns for an infinite and finite dielectric are compared. The radiation 
pattern for the infinite case has been analyzed by Method of Moment Implementation 
(SONNET), whereas the radiation pattern for the finite dielectric layers has been analyzed 
with Finite Element Method (HFSS). In Fig. 4.9, the radiation pattern is shown for the 
finite and infinite dielectric. Here, the size of the dielectric layers is chosen arbitrarily as 
4mm × 4 mm. 
 
4.6.5 Metal width  
Variation of the conductor width (w) affects the Q in several ways. The primary conse-
quence of increasing w is reduction of the conductor’s series resistance. On the other hand, 
Fig. 4.10: Q vs. conductor width for (a) antenna length La=480μm), and (b) antenna 
length La=500 μm) 
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increasing the conductor width has a negative effect on the Q due to the simultaneous en-
largement of the substrate parasitic capacitance. Metal width has an optimum value that 
must be designed for each specific antenna. Figure 4.10 shows the change in Q as a function 
of w for two different antennas. As will be shown in future section, another consequence 
of increasing the metal width is reduction of the SRF given that the substrate capacitance 
increases accordingly. 
 
4.6.6 Size of the ground plane  
 
Ground plane has less effect on the current distribution in the signal line compared to the 
ground plane underneath the antenna even when the ground plane is patterned. To mini-
mize the effect of ground plane, the signal to ground distant must be increased. Nonethe-
less, the ground plane presents an important metallic area, so the ground plane dimensions 
must be optimized for minimal metallic losses while maintaining good antenna behavior. 
Fig.4.11 illustrates the effect of ground plane dimensions on the radiation pattern; the an-
tenna gain decreases not only with a large ground plane (because of metallic losses) but 
also with small one (Antenna S11 degradation). The design of the antenna thus involved a 
trade-off on the ground plan area (7.5mm²) to have better radiation and matching. 
 
 
Fig. 4.11: Effect of the length of the ground plane on antenna radiation 
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4.7 Linearly-Polarized electromagnetically-Coupled (EMC) Antenna 
 
Gap coupling is a very important exciting method for microstrip printed antennas. A mi-
crostrip antenna and a feeding line or a feeding network are placed on single dielectric 
layer sharing a ground plane and are electromagnetically coupled together through a small 
gap between them. This configuration has many advantages over aperture coupled fed an-
tennas. It allows use of same substrate for the feed structure and antenna. Although it 
doesn’t offer shielding of a microstrip antenna from spurious feed radiation, this radiation 
in the back direction caused by the microstrip feed line and the coupling gap is undesirable. 
In practice, a ground plane located below the feed layer can be used to eliminate this radi-
ation. On the other hand, there is no need of shielding structure or extension of ground 
plane that makes the antenna structure thicker and more complicated for the fabrication 
process. 
 
At higher frequencies especially in the mm-wave band, transmission losses in microstrip 
lines become significant. This feeding approach eliminates the problem of spurious radia-
tion of the feed line in the backward direction and allows feeding microstrip antenna more 
efficiently in the mm-wave band. In addition, using aperture coupled antenna is com-
plicated for integrating such an antenna structure with other passive and active PCB com-
ponents of an antenna system. With respect to integrating an antenna with other planar 
components, using gap coupled configuration seems to be a better solution. 
 
 
 
Fig. 4.12: Structure of electromagnetically-coupled microstrip antenna fed by 
microstrip line. 
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4.7.1 Antenna With feed Structure 
 
A linearly-polarized electromagnetically-coupled microstrip antenna fed by microstrip line 
is proposed in this section. The rectangular microstrip antenna of width 𝑤a and length 𝑙𝑎 
is placed on the top surface of the substrate layer with relative permittivity 𝑟 and thickness 
ℎ𝑠. A ground plane of the microstrip antenna is created at the bottom surface of this sub-
strate layer. The microstrip antenna is shorted by a printed capacitive pad with length 𝑙𝑝 
and width 𝑤𝑝. The microstrip antenna is fed by microstrip line with width of 𝑤𝑓 and length 
of 𝑙𝑓 printed on the substrate layer. In order to simplify the antenna model, the antenna and 
ground plane is approximated by perfect electric conductor. This approach reduces com-
putational time of the simulation runtime without loss of accuracy. 
 
4.7.2 Simulation results 
 
The EMC-VLA fed by microstrip line shown in Fig. 4.12 was simulated in ANSYS HFSS 
at 60 GHz. For the antenna design, we chose high permittivity dielectric silicon materials 
in order to achieve a wide operating bandwidth. Table 4.1 summarizes the design parame-
ters of the antenna structure. In the simulation model, the metal plates are perfectly con-
ducting and infinitely thin. 
 
Tab. 4.1: Parameters of EMC-VLA fed by microstrip line. 
Symbol Value description 
𝑙𝑎 0.48mm Antenna length 
𝑤𝑎 0.05mm Antenna width 
𝑙𝑝 0.12mm Pad length 
𝑤𝑝 0.15mm Pad width 
ℎ𝑠 0.25mm Substrate height 
𝑤𝑠 5mm Substrate width 
𝑙𝑠 5mm Substrate length 
𝑤𝑔 5mm Ground plane width 
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𝑙𝑔 5mm Ground plane length 
𝑦𝑓 0.2mm Feed line distance from the center of the antenna 
𝑔𝑓 0.005mm Feed line end gap to antenna 
 
Figure 4.13 and 4.14 depicts the simulation results of the EMC-VLA fed microstrip line. 
The antenna has one resonance at 60 GHz and its reflection coefficient is lower than –10 
dB in the band from 56.8 GHz to 64.4 GHz which corresponds to a 12.6% impedance 
bandwidth. The radiation pattern of the antenna is simulated in the E-plane and H-plane 
for co-polarization (co-pol) and cross-polarization (x-pol) at 60 GHz (see fig, 4.15). From 
fig. 4.16, the EMC-VLA fed by microstrip line has a very low x-pol level in the main-lobe 
direction lower than –50 dB for both planes. The simulated gain of the antenna is -2.8dB.  
Fig. 4.13: Impedance of EMC-VLA fed by microstrip line 
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Fig. 4.14: Reflection coefficient of EMC-VLA fed by microstrip line. 
 
Fig. 4.15: Radiation pattern (Co-polarization) of EMC-VLA at 60 GHz (resistiv-
ity=20ohm_cm) 
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4.7.3 Parametric study 
 
The parametric study is usually more useful for practical antenna design thanks to the better 
understanding of the antenna behavior. By varying the main antenna parameters, we de-
scribe their effect on the reflection coefficient at the antenna input. The parametric study 
is carried out for the EMC-VLA structure fed by microstrip line shown in Fig. 4.12 with 
initial parameters summarized in Table 4.1. 
 
4.7.3.1 Feed line Parameters 
 
The size and position of the microstrip feed line and gap size are described using four 
parameters (𝑙𝑓, 𝑤𝑓, 𝑦𝑓,𝑙𝑔). In order to excite the microstrip antenna with maximum power, 
the feed line position 𝑦𝑓 should be designed carefully. Therefore this parameter is included 
in the parametric study. 
 
Fig. 4.16: Radiation pattern (cross-polarization) of EMC-MA at 60 GHz (resistiv-
ity=20ohm-cm) 
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The effect of varying gap length 𝑙𝑔 on the reflection coefficient of the EMC-VLA fed by 
microstrip line is depicted in Fig. 4.17. The gap 𝑙𝑔 controls the amount of coupling energy 
between the microstrip feed line and the microstrip antenna. The coupling increases with 
the smaller gap 𝑙𝑔 while the resonant frequency of the antenna increases, and vice versa. In 
the case where the gap size 𝑙𝑔 is smaller or larger than the initial value, the microstrip 
antenna is under-coupled or over-coupled. This terminology is used in the description of 
the antenna design procedure. 
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Fig. 4.17: Effect of gap length 𝑙𝑔 on reflection coefficient of EMC-VLA fed 
by microstrip feed line. 
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Figure 4.18 shows the effect of varying feed line position 𝑦𝑓 on the reflection coefficient 
of the EMC-VLA fed by microstrip line. Increasing 𝑦𝑓 leads to increasing the resonant 
frequency while retaining good Impedance matching. The resonant frequency of the an-
tenna depends simultaneously on the antenna length 𝑙𝑎 and feed line position. Obviously, 
the EMC-VLA fed by microstrip line can resonate with various sets of 𝑦𝑓 and 𝑙𝑎at the same 
frequency. This assumption is proved in the next section. 
 
4.7.3.2 Antenna parameters 
 
As shown above, the resonant frequency of the EMC-VLA fed by microstrip line changes 
with the feed line position 𝑙𝑓. However, the resonant frequency also depends on the reso-
nant length of the antenna 𝑙𝑎. As a first step, the effect of antenna length 𝑙𝑎, on the imped-
ance is considered. All the parameters of the virtual current loop antenna as described ear-
lier is kept the same, only the an antenna length is varied starting from 0.40 mm to 0.56 
mm and the simulations were carried out. From Fig. 4.19, it can be seen that the resonant 
frequency shifts to higher values and the impedance decreases as antenna length decreases. 
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Fig. 4.18: Effect of feed line position 𝑦𝑓 on reflection coefficient of EMC-VLA 
fed by microstrip line 
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In addition, it is found that as antenna length decreases, the bandwidth becomes wider and 
the impedance matching gets better within most of frequency range. From these results, it 
suggests in proper design that the optimum length for given resonant frequency could be 
determined. 
Next, the effect of the width of the antenna on the impedance was studied. Here various 
width of antenna are chosen from 0.01 to 0.09 mm, and all other parameters of the antenna 
as described earlier is kept the same The typical simulation results for various widths are 
shown in Fig. 4.20. It can be seen from fig.4.20 that as antenna width increases, the reso-
nant frequency shifts to the higher values and the real impedance decreases. The band width 
becomes wider as antenna width increases. Therefore, it can be balanced between the band 
width and impedance matching in the proposed design of virtual current loop antenna by 
controlling the width of antenna 
Fig. 4.19: Real impedance vs. frequency for different antenna lengths 
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Third, the effect of the thickness of the substrate on the impedance was studied by choosing 
various thickness values. All others parameter are kept constant. As shown in Fig. 4.21, 
when the substrate thickness varies from 0.2 to 0.35 mm, it is found that the thickness of 
substrate affects resonant frequencies, bandwidth. Referring to Fig. 4.21, the better value 
for the substrate thickness can be selected for bandwidth enhancement. Substrate thickness 
Fig. 4.21: Real impedance vs. frequency for different thickness 
 
Fig. 4.20: Real impedance vs. frequency for different antenna 
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here was to to be determined 0.25mm from practical consideration. By observing the in-
fluence of the above three parameters on the antenna performance, it can be concluded that 
the length, the width of the antenna and substrate thickness control not only the resonant 
frequency but also impedance and bandwidth. The above parametric study of the antenna 
will be of immense help in the design of proposed antenna. 
 
4.7.3.3 Dielectric substrate parameter 
 
The impedance bandwidth behavior of the antenna is investigated for utilizing dielectric 
materials for the supporting layer with different resistivities and substrate thicknesses. We 
consider materials with resitivities (ρ = 5, 10, and 20ohm-cm) which are usually applied in 
antenna technique. In order to compare impedance bandwidth of EMC-VLAs fed by mi-
crostrip line designed on variable dielectric materials resistivities of the substrate layer, it 
is desirable to reach such a result that varies only in the investigated parameters substrate 
thickness ℎ𝑠 and resistivity ρ. Therefore, resonant frequency of the antenna was 60 GHz 
for all investigated values ρ and every EMC-VLA fed by microstrip line was optimized for 
the best impedance matching at 60 GHz can be achieved by changing the feed line position 
𝑦𝑓 and the gap length 𝑙𝑔. For the given resistivities ρ = 5, 10, and 20hm-cm, the length of 
the antenna corresponds to 0.48 mm, 0.50 mm, and 0.52mm, respectively. For reasons of 
comparison, the other antenna design parameters such as the antenna width 𝑤𝑎, substrate 
height ℎ𝑠 etc., remained at the initial size. 
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Fig. 4.22: Radiation pattern of EMC-VLA fed by microstrip line for varying re-
sistivity ρ of substrate layer. 
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Fig. 4.23: Variation of impedance bandwidth for different gap length 𝑙g with 
resistivity ρ 20ohm-cm of Substrate layer. 
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The effect of the gap length and the resistivity ρ of the Substrate layer on the impedance 
bandwidth is investigated. Figures 4.23-4.25 show that wider impedance bandwidth is 
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Fig. 4.24: Variation of impedance bandwidth for different gap length 𝑙g with re-
sistivity ρ 10ohm-cm of Substrate layer. 
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Fig. 4.25: Variation of impedance bandwidth for different gap length 𝑙g with re-
sistivity ρ 5ohm-cm of Substrate layer. 
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achieved for a lower gap length with given resistivity of the substrate layer. Obviously, the 
impedance bandwidth slightly decreases with increasing gap length. In the case of using a 
higher permittivity material for the Substrate layer, a thicker material should be used. 
 
Different virtual loop antennas have been designed for different frequencies on a low re-
sistivity silicon substrate and simulated using HFSS software package. Fig. 4.26 shows that 
the antenna efficiency can reach more than 75% within the interested frequency range. 
 
 
 
4.7.4 Design Procedure 
 
On the basis of the previous parametric study, we propose the following antenna design 
procedure: 
 
1. The selection of the dielectric materials should be considered at the start of the 
antenna design according to electrical (impedance bandwidth, gain, etc.) and me-
chanical (antenna size, etc.) design requirements. Furthermore, the suitability of the 
Fig. 4.26: shows efficiency versus frequency for various resistivities  
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dielectric materials on the fabrication process should also be taken into considera-
tion. The effect of material parameters used for the substrate layer was investigated 
in Fig. 2.9. 
 
2. The initial antenna length 𝑙a is calculated using conventional design equations con-
sidering a non-magnetic material [95] 
 
𝑙𝑎 =
𝜆𝑒𝑓𝑓
4
                                                                                                         (4.27) 
 
where 𝜆𝑒𝑓𝑓 is the effective wavelength given by 
 
𝜆𝑒𝑓𝑓 =
𝜆0
𝑒𝑓𝑓
                                                                                                     (4.28) 
 
where 𝜀𝑒𝑓𝑓 is the effective dielectric constant 
 
𝑒𝑓𝑓 =
𝑟 + 1
2
                                                                                                 (4.29) 
 
A more accurate calculation of the initial antenna size is not required because as it 
was shown in the previous section, the resonant frequency of the EMC-MA fed by 
microstrip line depends on the resonant antenna length 𝑙𝑎 and the feed line position 
𝑦𝑓. Additionally, the antenna width 𝑤𝑎 depends on the gap length 𝑙𝑔 
 
3. In order to simplify the antenna model, the antenna is approximated by perfect elec-
tric conductor. 
 
4. Selection of the position of microstrip feed line 𝑦𝑓 and gap length 𝑙𝑔 is a key step 
of the design procedure. The feed line position 𝑦𝑓 from antenna  end is given by 
[96]  
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𝑦𝑓 =
𝜆𝑔
4
=
0.25
√𝜖𝑟
.
𝜆0
√1 − (
𝜆0
𝜆𝑐
)
2
                                                                     (4.30) 
 
Where 𝜆𝑔 is the guide wavelength at the operating frequency, 𝜆0 is the wavelength 
in free space at the operating frequency, and 𝜆𝑐 is the cutoff wavelength of the 
antenna. On the basis of the parametric study, the feed line position 𝑦𝑓 should be 
chosen near the center of the antenna in order to reach the maximum impedance 
bandwidth and gain. 
 
The gap length 𝜆𝑔 controls the amount of coupling to the microstrip antenna. But 
the coupling can also be controlled by the change of the antenna width 𝑤𝑎. There-
fore, the choice of the initial size of the gap 𝑙𝑔 is relatively complicated and depends 
particularly on the used materials and the initial antenna width 𝑤𝑎. It is suitable to 
try out several sets of 𝑙𝑔 and 𝑤𝑎 values. Then, the aim is to find out a starting im-
pedance response that is not confined to the edge of the Smith chart. Once the input 
impedance of the antenna has a purely real part, the next step is optimizing the 
resonance to the required frequency by modification of the antenna length 𝑙𝑎 and 
the amount of coupling by modification of the gap length 𝑙𝑔. In the case where the 
gap tends to overlap the antenna end, the antenna is under-coupled and its width 𝑤𝑎 
should be reduced. Note that the antenna width 𝑤𝑎 also has a slight effect on the 
operating bandwidth. The feed line width 𝑤𝑓 does not have a significant effect on 
the antenna performance so it can be varied for example between one tenth and one 
twentieth of the antenna length 𝑙𝑎. 
 
 4.8 Linearly-Polarized Probe-Fed Virtual loop Antenna 
 
Probe feeding, often referred to as a coaxial feeding, is one of the most utilized excitation 
methods for microstrip antennas [95]. It is usually performed using an inner conductor of 
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a coaxial line extended through a ground plane and connected to an antenna conductor. 
However, in the case of antenna arrays, a coaxial line is not suitable for the design of a 
feeding network. This feeding method can also be performed using a metal wire connected 
to the antenna and a microstrip line located under a ground plane of an antenna. The second 
scheme allows isolating filters or a feeding network consisting of power dividers and phase 
shifters from the radiating antenna via a ground plane. Nevertheless, additional shielding 
for a feeding line and PCB components is required which makes an antenna structure 
thicker and more complicated for the fabrication process. This can be avoided using mi-
crostrip technology for the design of components of a feeding network which are electri-
cally shielded and also simpler for fabrication. In this section, a probe feed method tech-
nology for exciting a microstrip antenna is proposed in order to combine the benefits of 
microstrip antennas with the advantages of microstrip technology. The obtained results of 
this antenna have been published in [97]. 
 
4.8.1 Antenna Structure 
 
The structure of the probe-fed virtual loop antenna (PF-VLA) is depicted in Fig. 4.27. The 
antenna system with overall dimensions length 𝑙𝑠 and width 𝑤𝑠 consists of dielectric layer, 
a capacitive pad of length 𝑙𝑝 and width 𝑤𝑝 and a ground plane of length 𝑙𝑔 and width 𝑤𝑔. 
The antenna of width 𝑤𝑎 and length 𝑙𝑎 is placed on the top surface of the layer with 
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relative permittivity 𝜀𝑟 and thickness ℎ𝑠. The ground plane of the microstrip antenna is 
assumed by the electric perfect conductor. The microstrip antenna is fed by a coaxial cable 
with relative permittivity 𝜀𝑟 = 1 and diameter. 𝑑𝑐 In order to simplify the antenna model, 
the antenna structure is assumed by an electric perfect conductor and the coaxial cable 
consisting of perfect conductor solid walls. The port on the on the coaxial cable excites the 
fundamental TEM mode. 
 
The microstrip antenna is excited from the coaxial line by a current probe composed of a 
metal wire with diameter 𝑑𝑝. The probe goes through the circular hole with diameter 𝑑ℎ 
etched in the dielectric substrate layer and is electrically connected to the bottom surface 
of the antenna at a distance 𝑥𝑝 and 𝑦𝑝 and to the antenna at a distance gap 𝑔𝑓. The detail 
of the feeding configuration is depicted in Fig. 4.27b. 
 
4.8.2 Simulation results 
The PF-VLA fed by coaxial cable shown in Fig. 4.27 was simulated in ANSYS HFSS at 
60 GHz. We chose the same dielectric substrates for the antenna layers as in the case of the 
Fig. 4.27: Structure of probe-fed virtual loop antenna fed by coaxial line. 
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EMC-VLA fed by microstrip line in Section 2.1. The coaxial cable operates in the funda-
mental mode TEM with the cutoff frequency 0 GHz. The design parameters of the antenna 
structure are listed in Table 4.2.  
 
Tab. 4.2: Parameters of PF-VLA fed by coaxial line. 
Symbol Value description 
𝑙𝑎 0.48mm Antenna length 
𝑤𝑎 0.05mm Antenna width 
𝑙𝑝 0.12mm Pad length 
𝑤𝑝 0.15mm Pad width 
ℎ𝑠 0.25mm Substrate height 
𝑤𝑠 5mm Substrate width 
𝑙𝑠 5mm Substrate length 
𝑤𝑔 5mm Ground plane width 
𝑙𝑔 5mm Ground plane length 
𝑥𝑝 0mm Probe feed distance from x-axis 
𝑦𝑝 0.2mm Probe feed distance from y-axis 
𝑔𝑓 0.1mm  Feed line end gap distance  to antenna 
The simulation results of the antenna structure are depicted in Fig. 4.28 and 4.29. The re-
flection coefficient is lower than –10 dB in the band from 55.9 GHz to 61.7 GHz which 
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Fig. 4.28: Reflection coefficient of PF-VLA fed by coaxial cable. 
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corresponds to a 9.9% impedance bandwidth. In Fig. 4.28, the radiation pattern of the an-
tenna is depicted in the  
 
 
E-plane and H-plane for co-pol and x-pol at 60 GHz. In the E-plane, the main lobe of the 
radiation pattern is slightly distorted due to the spurious radiation of the feeding probe. The 
antenna has a low x-pol level in the broadside direction (in the direction of the 𝑧-axis) about 
–33 dB in both planes. The simulated broadside gain is -2.68 dB.  
 
4.8.3 Parametric Study 
 
The parametric study is carried out for the antenna structure shown in Fig. 4.27 with the 
design parameters summarized in Table 4.2. By varying the probe parameters, we describe 
their effect on the reflection coefficient at the antenna input. The effect of varying probe 
-200.00 -100.00  0.00 100.00 200.00
Theta [deg]
-87.50
-75.00
-62.50
-50.00
-37.50
-25.00
-12.50
0.00
G
a
in
 (
 d
B
)
Curve Info
Co-Pol (E-plane)
Co-Pol ( H-plane)
X-Pol ( H-plane)
X-Pol ( E-plane)
Fig. 4.29: Radiation pattern of PF-VLA fed by coaxial cable at 60 GHz 
(ρ=20ohm-cm) 
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diameter 𝑑𝑝 is investigated in Fig. 4.30. The figure depicts the reflection coefficient of four 
PF-VLAs fed by coaxial cable designed for the operating frequency 60 GHz. The investi-
gated antennas varying in 𝑑𝑝 within the range of 0.002mm to 0.01mm have an impedance 
bandwidth of range 7.7% to 12.6 %, respectively. The impedance bandwidths are varied 
significantly but the minimum and maximum frequency of the impedance band grows with 
decreasing 𝑑𝑝.  
The next probe parameters are 𝑙𝑔 and 𝑦𝑝. The effect of these parameters on the reflection 
coefficient response is investigated. In Fig. 4.31, the change of probe gap length in antenna 
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Fig. 4.30: Effect of varying probe diameter 𝑑𝑝 on reflection coefficient of PF-
VLA fed by coaxial cable 
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Fig. 4.31: Effect of varying probe gap length 𝑙𝑔 on reflection coefficient of PF-
VLA 
fed by coaxial cable 
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𝑙𝑔 has the effect of increasing or decreasing the resonance frequency and the amount of 
coupled energy from the coaxial line to the antenna. Further, the amount of coupled energy 
is controlled by changing probe position 𝑦𝑝 in the probe, as shown in Fig. 4.32. Besides 
this, the change of probe position 𝑦𝑝 has a considerable effect on the impedance bandwidth.  
 
4.8.4 Design procedures 
 
We propose the design procedure for the antenna in this order: 
 
1. The selection of the dielectric materials for the antenna layers should be considered 
at the start of the antenna design according to electrical (impedance bandwidth, 
gain, etc.) and mechanical (antenna size, etc.) design requirements. Furthermore, 
the suitability of the dielectric materials on the fabrication process should also be 
taken into consideration. 
 
2. The antenna structure shown in Fig. 4.27 is split into the antenna design and the 
coaxial cable and probe design. The antenna is designed in the same way as a con-
ventional microstrip antenna fed by a coaxial probe. The initial antenna length can 
be calculated using equations (4.27), (4.28), and (4.29). This microstrip antenna is 
fed by a coaxial probe consisting of the inner pin with diameter 𝑑𝑝 and the outer 
shielding with diameter 𝑑𝑐. Note that there is coaxial line and port is placed in the 
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Fig. 4.32: Effect of varying probe position 𝑦𝑝 on reflection coefficient of PF-VLA 
fed by coaxial cable 
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plane of the end of coaxial line. This structure is optimized for the minimum reflec-
tion coefficient at the desired frequency by changing the antenna length 𝑙𝑎 and the 
probe position 𝑦𝑝. 
 
3. The coaxial line and probe is assumed as electric perfect conductor. The model 
consists of a air-filled coaxial line and a probe with the same size as the excitation 
probe of the VLA in Fig. 4.33. The background of the model is defined to be a 
perfect electric boundary. In order to achieve a correct reflection coefficient re-
sponse, the characteristic impedance of port is set to 50ohm. In this configuration, 
the reflection coefficient at port is optimized by changing the probe position 𝑦𝑝. 
The initial value of 𝑥𝑝 𝑎𝑛𝑑 𝑦𝑝 is at the center line of the coaxial line and one quarter 
guide wavelength from the coaxial  end wall, respectively 
 
4. The antenna and feed line structures designed in the previous steps are put together 
and the reflection coefficient of the antenna structure is optimized. As mentioned 
in Section 4.8.3, the resonance frequency and the amount of coupling energy can 
be changed by 𝑙𝑎 and 𝑙𝑔, respectively. 
 
5. Finally, the feed line and the antenna structure is simulated. Some final simulation 
and optimization of the antenna structure due to a small change of the reflection 
coefficient after the conversion usually has to be performed. 
Fig. 4.33: PF-VLA design procedure – model of antenna layer. 
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4.9 Surface wave suppression in the silicon substrate 
 
In general, any dielectric substrate can guide electromagnetic energy, as introduced in Sec-
tion 2.1.4. The cut-off frequencies of the individual modes can be calculated from Equation 
(2.34). From this, the 0th order TM mode can be determined to have a 0 Hz cut-off fre-
quency and, consequently, can always get excited. The amount of energy that is launched 
in those mode by an antenna depends on the specific antenna type, its location and orien-
tation with respect to the substrate, but also on the dielectric contrast between the substrate 
and the surrounding medium, usually air. The larger the permittivity of the substrate mate-
rial, the more energy is confined in it. Since the real part of the dielectric constant of silicon, 
𝜀𝑟 = 11.9, is rather large in comparison with typical microwave materials, like RO4003 
with 𝜀𝑟 = 3.55, this topic requires special attention for a AoC design. This holds in partic-
ular for the doped silicon of typical (Bi-) CMOS processes since a significant portion of 
that confined electromagnetic energy will simply get dissipated into heat here. Further-
more, since silicon chips are of finite size, the excited substrate waves get partly reflected 
and partly radiated at the chip’s edges. The radiated part superimposes with the waves that 
are directly radiated from the antenna and, hence, strongly affects the antenna’s radiation 
pattern. Therefore, the exact overall pattern depends to a large extent on the dimensions of 
the chip. Figure 4.35 illustrates this relation. It shows the simulated gain patterns at 60 GHz 
of an integrated virtual loop antenna on CMOS chips of different dimensions 𝑙𝑠 and 𝑤𝑠, 
4.34: Considered antenna integration scenario for analyzing the chip size 
impact on the radiation characteristics 
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see Figure 4.34 for both configurations edge and center mounted. In order to reduce the 
amount of lossy silicon around the antenna, they were placed at a distance of 50μm from 
the edge of the silicon substrate, which has a thickness of 250μm and electric resistivity of 
20Ω-cm. Also shown in table 4.3 are the simulated radiation efficiencies for each chip size. 
Since, generally, in a larger chip more energy is dissipated in the silicon substrate before it 
gets radiated from the chip’s edge, a larger chip achieves a lower efficiency. 
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Fig. 4.35: Considered antenna integration scenario and its simulated gain patterns for dif-
ferent chip sizes. 
 
Table 4.3 shows the effect of ground layer on efficiency 
Area Edge mounted Center mounted 
𝑙𝑠 x 𝑤 𝑠𝑚𝑚
2 Efficiency Efficiency 
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(c) E-plane radiation pattern for center mounted antenna 
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2 × 2𝑚𝑚2 58.74% 22.53% 
3 × 3𝑚𝑚2 55.33% 21.67% 
4 × 4𝑚𝑚2 52.6% 22.37% 
5 × 5𝑚𝑚2 44.2% 23.8% 
 
 
 
In order to enhance the radiation properties of the on-chip virtual loop antenna, a metal 
plate on top of the silicon can be implemented. By this simple measure, the substrate can 
be considered as a grounded dielectric slab, also known as surface waveguide, with corre-
sponding surface-waveguide modes, see Section 2.1.4. The cut-off frequencies of its modes 
can be obtained from Equation (2.34). From this, the lowest-order TM mode (𝑇𝑀0-mode) 
Fig. 4.36: Cut-off frequency, 𝑓𝑐, versus the thickness of a silicon substrate, h, 
according to Equation (2.34). 
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can be determined to exhibit its cut-off frequency at 0 Hz, i.e., it can still always get excited. 
The lowest-order TE-mode (𝑇𝐸1-mode), however, exhibits a non-zero cut-off frequency. 
Hence, for frequencies below cut-off, all guided TE-modes are suppressed. For a 60 GHz 
antenna design, for example, the thickness of the silicon substrate needs to be below 350μm 
in order to avoid the propagation of TE-modes up to 66 GHz, as shown in Fig. 4.36. 
 
Figure 4.38 shows the radiation patterns and efficiencies of the on-chip virtual loop anten-
nas from Figure 4.24 when a rectangular metal plate is implemented at a distance of 650 m 
Fig. 4.37 Considered antenna integration scenario for analyzing the chip size im-
pact on the radiation characteristics with metal top. 
 
Fig. 4.38 Improved radiation characteristics of the antenna from  by implement-
ing a metal plate in the lowest layer of the IC’s back-end. 
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from the antenna, see Figure 4.37. By this, the plate also acts as a reflector with a length 𝑙𝑠 
while suppressing the TE-modes behind the reflecting edge. Therefore, the design can be 
understood as a rudimentary on-chip Yagi-antenna, see [66]. Comparing the results pre-
sented in Figure 4.37 with the ones from Figure 4.34, it is evident that the simulated radi-
ation efficiencies are significantly improved. The radiation pattern still changes with vary-
ing chip size, however, but the sensitivity of its shape to the chip’s dimension is reduced. 
The remaining chip size dependence might be caused by the 𝑇𝑀0-mode or the varying 
reflector length 𝑙𝑠. 
Table 4.4 shows the effect of size of ground layer on efficiency with top metal 
Area efficiency 
𝟐 𝑿𝟐 𝒎𝒎𝟐 66.67% 
𝟑 𝑿 𝟑 𝒎𝒎𝟐 66.32% 
𝟒 𝑿𝟒 𝒎𝒎𝟐 60.09% 
𝟓 𝑿 𝟓 𝒎𝒎𝟐 53.66% 
 
4.10 Ground plane configuration to implement on chip VLA 
 
4.10.1 Radiating from topside without ground shield 
 
The most obvious choice for on-chip antennas is to implement them as metal lines on top 
of the substrate and radiate upward into the air. In this subsection, we show why this may 
not be an effective solution by looking at a dipole antenna placed at the boundary of semi-
infinite regions of air and dielectric (Fig. 4.39). Although this over-simplified configuration 
Fig. 4.39: Radiating from top side without ground shield 
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does not correspond to the practical setting, it guides us to better understand the effects of 
silicon high dielectric constant on antenna radiation pattern and efficiency. For a dipole 
antenna seeing the vacuum (or air) on one side and a dielectric on the other side, the ratio 
of the power coupled into air to the total radiated power is approximated3 by [99], [100] 
 
𝑃𝑎𝑖𝑟
𝑃𝑡𝑜𝑡𝑎𝑙
=
1
𝜀3/2
                                                                                                   (4.31) 
 
where 𝑃𝑎𝑖𝑟 is the radiated power into air,𝑃𝑡𝑜𝑡𝑎𝑙l is the total accepted power and is the die-
lectric constant. From this formula for silicon dielectric, 𝑟~11.9 a very small portion of 
the power radiates into the air (about 3%) and the rest of it couples into silicon. This demon-
strates that without any mechanism to reroute the power coupled into silicon substrate, it 
is not possible to implement a high efficiency antenna on silicon this way. 
 
4.10.2 Radiating from topside with on-chip ground shield 
Another possible option is to incorporate an on-chip ground shield and trying to reflect the 
radiated energy upward, thus preventing it from coupling into silicon, as shown in Fig. 
4.40. In this case, the on-chip antenna and the ground shield have to be placed inside the 
𝑆𝑖𝑂2 due to process limitations. For such a configuration, the distance of the antenna and 
the ground shield affects the antenna-ground coupling and determines the radiation re-
sistance [101], [102]. Unfortunately, the distance between the bottom of the top metal layer 
and the top of the lowest metal layer rarely exceeds 15μm today’s process technologies. 
This small antenna-ground spacing causes a strong coupling between the antenna and the 
Fig. 4.40: Radiating from top side with on-chip ground shield 
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ground layer which lowers the all-important radiation resistance. Fig. 4.41 shows the re-
sults of the electromagnetic simulations of a copper virtual loop antenna (VLA) placed 
over a metal ground plane with a 𝑆𝑖𝑂2 dielectric, sandwiched in between. The antenna 
dimensions are 5μmx50μ mx480μm The antenna-length is equal to a length of a resonant 
length at 60GHz which is placed in the boundary of semi-infinite regions of air and 𝑆𝑖𝑂2. 
Based on this simulation, Fig. 41 shows that,for a spacing of 15μm between the antenna 
and the ground layer, the radiation resistance is very small (less than 0.1ohm ) hence the 
total resistance is dominated by the ohmic loss of the copper resulting in a radiation effi-
ciency of less than 5%. An option to increase the efficiency of the antenna seems to be the 
implementation of an off-chip ground shield to increase the distance between the antenna 
and its ground layer. We will discuss this case in the next sub-section. 
 
4.10.3 Radiating from topside with off-chip ground shield 
 
Fig. 4.41: radiation resistance and efficiency (antenna with on chip ground 
plane) 
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As shown in Fig. 4.42, an off-chip ground shield can be placed underneath the silicon sub-
strate. In this case, the silicon substrate thickness is much larger than the 𝑆𝑖𝑂2 layer and 
effectively we are dealing with a high dielectric constant substrate (𝑟= 11.9). Unfortu-
nately, because of the high dielectric constant of silicon and the large substrate thickness 
(100 μm or more), most of the power gets absorbed into surface-wave power [99]–[104]. 
HFSS simulation was done. The results shown in fig. 4.43. Both TE and TM surface waves 
can be excited on a grounded dielectric substrate. The cutoff frequency of these mode is 
given by [l06]. 
𝑓𝑐 =
𝑛𝑐
4𝑑√(𝜀𝑟 − 1)
                                                                                         (4.32) 
where c is the speed of light, and n = 0, 1, 2,3, for the TM0,TE1, TM1,TE2, … surface mode. 
Note that the TM0 mode has a zero cutoff frequency, so that it can be generated for any 
substrate thickness d. As shown in fig. 4.43, as the substrate becomes electrically thicker, 
more surface modes can exist and the coupling to the lower order modes can become 
Fig. 4.43 TMx and TEx modes of Surface wave 
Fig. 4.42. Radiating from top side with off-chip ground shield. 
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stronger. For thin substrates (d < 0.01𝜆0) surface wave excitation is generally not im-
portant. For thicker substrates surface waves may have a detrimental effect on the antenna 
performance. Surface wave power launched in an infinitely wide substrate would not con-
tribute to the main bean1 radiation and so can be treated as a loss mechanism. A radiation 
efficiency can then be defined as 
𝑒 =
𝑃𝑟𝑎𝑑
𝑃𝑟𝑎𝑑 + 𝑃𝑠𝑤
                                                                                              (4.33) 
 
where Prad is the power radiated via space wave (direct main beam power), and Psw is the 
power coupled into surface waves. Prad + Psw is then the total power delivered to the printed 
antenna element. Dielectric loss is ignored here. The effect of a finite-sized substrate would 
be to diffract the surface waves from the substrate edges, possibly causing undesirable ef-
fects on side lobe level, polarization, or main beam shape. Surface waves could also be 
diffracted by or coupled to feed lines or components on the substrate. Fig. 4.44 shows sim-
ulation results of efficiency (e) versus substrate thickness d for designed antenna, for εr = 
Fig. 4.44 efficiency vs substrate thickness 
Fig. 4.45: radiated power for a grounded VLA 
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11.9. Observe that e approaches 1.0 as d decreases 0, since surface wave excitation is neg-
ligible for very thin substrates. As d gets larger the TM0 surface mode becomes stronger, 
reducing efficiency e. However, the radiated power becomes greater as d increases, so that 
e levels off and starts to increase for d > 0.1λ0. At d = 0.2λ0, the next surface mode (TE1) 
starts to propagate, causing a slope discontinuity in e and a decrease in e as this mode 
becomes more strongly coupled. This type of slope discontinuity is also seen in related 
dielectric covered antenna problems [107] If we assume the thickness of 𝑆𝑖𝑂2 is negligible 
compared to that of silicon, then the surface-wave power can be simulated in HFSS. Based 
on these results, radiated power and surface-wave power are plotted in Fig. 4.45 and Fig. 
4.46, respectively. As is shown in Fig. 4.46, at 60 GHz the maximum radiated power, which 
occurs at the silicon substrate thickness of 0.14λ0 and 0.37λ0 However, at this substrate 
thicknesses, the power in all the surface wave modes is more than radiated power (Fig. 
4.46), which indicates that even in the case of lossless silicon substrate, the power wasted 
in the surface wave modes is 2.7 times greater than the useful radiated power. It is important 
to realize that for a lossy and finite-dimensional substrate, the surface-wave power is either 
dissipated due to the substrate conductivity or radiated from the edge of the chip and that 
often results in an undesirable radiation pattern 
 
 
4.11 Effect of finite conductivity and metal thickness 
 
Fig. 4.46. Surface wave power for a grounded VLA 
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The model that is introduced in Section 3.3 assumes that the metal can be approximated as 
a perfect electric conductor with zero thickness. In this section, the effects of finite con-
ductivity and metal thickness are analyzed to verify the validity range of this assumption. 
 
The antenna is modelled with copper in Ansoft Hfss to investigate the effect of finite con-
ductivity and these results are compared with the results of the PEC antenna. The input 
impedance, reflection coefficient, directivity and gain of both antennas were almost iden-
tical and therefore it is concluded that the effect of finite conductivity is not important as 
long as well-conducting materials are used like copper, silver or gold. Note that in this 
comparison, the feed line of the antenna has not been incorporated. A long feed line with 
finite conductivity introduces additional losses that should be accounted for. However, the 
use of metal with a finite conductivity in the antenna itself does not affect the input imped-
ance significantly. 
 
The input impedance of the antenna is sensitive for changes in metal thickness 𝑡𝑚. Espe-
cially the thickness of the feed has an impact on the input impedance and therefore also on 
the reflection coefficient of the antenna. The reflection coefficient 𝑆11 is related to the input 
impedance as 
 
50.00 52.50 55.00 57.50 60.00 62.50 65.00 67.50 70.00
Freq [GHz]
-60.00
-50.00
-40.00
-30.00
-20.00
-10.00
0.00
S
1
1
 (
d
B
)
Curve Info
0.005mm
0.01mm
0.015mm
0.025mm
Fig. 4.47: Reflection coefficient of the VLA for different metal thicknesses.  
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𝑆11 =
𝑍𝑖𝑛 − 𝑍0
𝑍𝑖𝑛 + 𝑍0
                                                                                               (4.34) 
 
where 𝑍0 is the characteristic impedance of the transmission line that is connected to the 
antenna. Here, the feed line should be designed for a characteristic impedance 𝑍0=50Ω.The 
reflection coefficient is compared for different thicknesses of the metal layers, where the 
thickness is defined in section 4.4.2. To obtain a fair comparison, the thickness of the 
ground plane is not considered, since it is not incorporated in the models. Fig. 4.47 shows 
the results for metal thicknesses of 0, 5, 15 and 25μm. It is shown that the metal thickness 
affects the reflection coefficient and therefore the assumption that the metal can be mod-
elled as if it has zero thickness is not always valid. 
 
Close examination of the influence of metal thickness has shown that the thickness of the 
antenna feed and antenna have dominant effect on the reflection coefficient. In comparison, 
the finite thicknesses of the ground plane do not affect the reflection coefficient much. 
From this observation, it is tried to improve the accuracy of the HFSS model by positioning 
the zero thickness feed layer of this model at the top of the actual feed. Since the field is 
mostly confined between the top of the feed and the bottom of the ground plane, the cur-
rents on the top of the feed are the strongest. Therefore, this feed position improves the 
accuracy of the model. It is observed that the adjusted feed position of the zero-thickness 
feed improves the accuracy of the HFSS model indeed. 
  
4.12 ELECTROMAGNETIC INTERFERENCE  
 
A major concern with AoC solutions is electromagnetic interference (EMI), which causes 
mutual coupling and affects the proper operation of the antenna and circuits. An under-
standing of the coupling mechanisms, impact of the process technology, grounding effects, 
guard rings, shielding, filtering, and decoupling is necessary to reduce EMI. 
 
For the AoC solution, the circuits, especially their power lines, inductors, and capacitors 
will detune the antenna and affect its radiation patterns. Hence, the layout of the antenna 
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should be kept away from them as far as possible [105]. On the other hand, the antenna 
couples to the circuits, especially the sensitive low noise amplifier, may degrade their per-
formance. Two major coupling mechanisms are known, one is the substrate coupling and 
the other is the power-line coupling. The use of differential topology in the antenna and 
circuits can mechanism can be effectively prevented by using filtering and decoupling tech-
niques implemented with the power lines 
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Chapter 5 Measurement and Verification 
 
5.1 Antenna chip fabrication 
 
The antennas for the experimental studies in this work were fabricated in nano fabrication 
center lab at the University of Minnesota, with the generous help from various professors 
and students associated with the lab. 
 
The antenna chips are built on Boron doped p-type, (100) oriented, 4-inch silicon wafers. 
The resistivity of one type of wafers is 10Ω-cm, which represents the normal wafers used 
for CMOS IC fabrication. That for the other type is greater than 10k Ω-cm, which repre-
sents the higher end of the silicon wafers available for IC fabrication. The metal used for 
building the antenna structure is Aluminum, which is sputtered and later patterned using 
photolithography. Its thickness is varied for some wafers in order to study the effects of the 
thickness on the antenna performance. 
 
 The whole antenna chip fabrication process can be roughly divided into 9 steps. 
 
Step 1: First, checking the quality of the surface (surface should be smooth and bright, 
without mechanical injury), and then using the 1st liquid (27% NH4OH: 30%H2O2:deion-
ized water = 1:2:5) and the 2nd liquid (37% HCl: 30%H2O2: deionized water = 1:2:8) wa-
fer cleaning was done. The SiO2 with thickness 1.1 μm was performed at 10 min of dry 
oxygen and 45 min wet oxidation, and the last 10 min of dry oxygen at a temperature of 
1100C oxygen flow 500 mL/min. 
 
Step 2: Deposit aluminum film using sputtering 
 
In this step, we deposit an aluminum foil on top of the silicon wafer using DC sputtering. 
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The sputtering system available in the lab is model ISE-OE-PVD-3000 from Innovative 
Systems Engineering, Inc. It has one deposition chamber and one manual load lock cham-
ber. The deposition is done with one of the two available DC guns. The process gas used 
for the deposition is Argon at the pressure of 5mtorr. At a DC power level of 40W and 
room temperature, the deposition rate is around 1Angtrom/sec. 
After the deposition, the wafer should be covered by a uniform aluminum film as shown 
in Figure 5.1. 
Step 3: Spin coat the wafer with photoresist 
 
 In this step, we apply a layer of photoresist on top of the aluminum foil. 
 
The photoresist (PR) used in this fabrication is Microposit SC-1805 positive photoresist 
manufactured by Shipley, Inc. It was applied with a model RC-8 spin coater from Karl 
Suss. The obtained film thickness was about 0.5μm when the wafer was spun for 30 sec at 
a speed of 3500rpm. In order to increase the uniformity of the PR film, the adhesion pro-
moter, HMDS, was first applied on the wafer with the same process prior to the application 
of the PR. 
Fig. 5.1: The wafer structure after step 1 
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 After this step, the wafer should have a structure as shown in Figure 5.2. 
 
Step 4: Soft bake the photoresist 
 
The PR is required to go through a soft baking process before it is exposed, which can be 
done with either a hot plate or a convection oven. In this fabrication, a convection oven 
was used to bake the wafer at 95°C for 30 minutes. 
 
Step 5: Expose the photoresist to UV light 
 
After soft baking, the PR is exposed to UV light using a Karl Suss model MA6 mask 
aligner. The UV source has a light intensity of 35.5mW/cm2 at a wavelength of 365nm. 
The best exposure time was experimentally found to be 4sec. The soft contact exposure 
mode was used in this fabrication. 
 
The photo mask was manufactured by Adtek Photomask, Inc. It was a clean field mask 
since positive photoresist was used for this fabrication. The mask uses an anti-reflective 
Chrome coating on a 4×4 in2 square soda lime glass plate. It has a minimal feature size of 
10μm and critical dimension tolerance of ±1.0μm. 
 
Step 6: Develop the photoresist 
 
Fig. 5.2: Wafer structure after step 2 
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The exposed photoresist layer was developed using the MF-319 developer. At room tem-
perature, the wafer was immersed in the developer for 60 sec. The wafer structure after 
developing is shown in Figure 5.3. 
 
Step 7: Hard bake the photoresist 
 
The PR went through a hard baking process after it was developed. This was achieved by 
putting the wafer in a convection oven at 120°C for 30 minutes. 
 
Step 7: Etch the aluminum film 
 
In this step, the unwanted aluminum is removed from the wafer using a wet etching process. 
The etchant is a mixture of Phosphorous acid, Nitric acid, Acetic acid, and water with a 
ratio of 16:1:1:4. 
The wafer is immersed in the etchant and consistently agitated for about 2 minutes at a 
temperature of 40°C. It is rinsed thoroughly with de-ionized (DI) water right after the im-
mersion. 
The wafer structure after etching is shown in Figure 5.4. 
Fig. 5.3: Wafer structure after PR developing 
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Step 8: Remove the unexposed photoresist 
 
In this step, the unexposed photoresist remaining on top of the aluminum structure is re-
moved using Acetone. 
 
After this step, the desired antenna structures are available on top the silicon substrate. The 
finished wafer structure is shown in Figure 5.5. 
 
Step 9: Measure the aluminum thickness and cut the wafer into antenna chips 
 
The aluminum layer thickness is measured with a Veeco Dektak3 ST surface profiler. After 
the measurement, the wafer is cut into chips with a diamond saw or a glass scriber. 
 
5.2 Measurement of antennas on CMOS ICs 
Measurement is necessary to prove that the specific requirements of an antenna, which are 
designed to conform to the specifications, are satisfied. All the antenna performance pa-
rameters listed in section 2.3, i.e. radiation pattern, gain, efficiency, polarization, and input 
Figure 5.5 Wafer structure after step 9 
Fig. 5.4 Wafer structure after etching 
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impedance, deserve serious measurement efforts. But accurate measurement of most pa-
rameters for antennas on CMOS chips is generally difficult partly because the absolute 
values of the results are often small due to their small sizes and thus more vulnerable to 
systematic or random errors. One may say, the smaller the antenna size, the harder it is to 
determine its performance [108]. The most common problems with small antenna meas-
urement include the coupling of nearby materials, the existence of unbalanced currents on 
the connecting cables, limited accuracy of the equipment, and so on. Even particular con-
siderations are given to the measurement of small antennas, there may still be some cases 
where no effective method can be found [108]. 
 
Other than being extremely small, an antenna on CMOS IC is supposed to work by itself, 
which means no cable or wire connection of any form is made to it while it is in the working 
environment. When we try to connect it to the standard equipment using wires or cables, 
the field and the current distributions on the antenna are easily distorted. Consequently, the 
accuracy of the measurement may become comprised, or even nonexistent. 
 
The accurate measurement of some of the parameters, such as the radiation pattern, requires 
fairly sophisticated equipment like antenna chambers or antenna ranges, which are not 
available in the departmental lab or readily available at other facilities. On the other hand, 
the figure of merit that is most important for the antennas on chips (AOC), its available 
power under given condition, is extremely difficult to measure using standard equipment 
because of the cable connection problem mentioned earlier. As a result, certain unconven-
tional method must be developed in order to get meaningful measurement results for the 
on-chip antennas in this research. 
 
5.2.1 Measurement Setups 
 
Generally speaking, the ideal measurement setup for the antennas on CMOS ICs should 
satisfy the following three conditions: 
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1. The feeding to the antenna should be the same as that in its actual use. The use 
of wire or cable connections should be avoided if possible. 
 
2. The measurement should be accurate and stable. 
 
3. The measured data should be easy to collect and analyze. 
Since the maximum available power is most important for an on-chip antenna, the 
setups we are going to discuss next are primarily for its accurate measurement. Some key 
antenna parameters, such as antenna directivity pattern, can be measured easily once the 
available power can be determined accurately. 
 
5.2.2 Measurement Using Standard Equipment 
 
Most RF measurement equipment, such as the vector network analyzer and the power me-
ter, use coaxial cables to connect the devices under test (DUT). Because the on-chip anten-
nas do not use probe feed, there is the problem of getting it connected to the cable. 
 
In order to overcome the problems associated with the close proximity of the probe to the 
AoC, an extended feed line for the antenna was required. Since the die size should meet 
the size of the final chip, an extension of the feed line on chip was no option. As a conse-
quence, the feed line had to be extended off chip. Furthermore, the die had to be placed on 
a defined support to achieve insensitivity of the AoC’s input impedance to its placement in 
the measurement setup. One way to achieve both goals is the placement of the chip on a 
printed circuit board (PCB). While the PCB area around the antenna should be designed 
not to affect greatly the radiation pattern and to some extent also the input impedance, the 
on-chip feed line can be connected to an on-PCB line to obtain the necessary distance of 
the probe to the radiating element. 
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The solution requires to design microstrip line transition to use an available station, which 
is commonly utilized in the testing and measuring of impedance for integrated circuits. It 
works by using a bond wire to make contact microstrip line with the DUT. The bond wire 
and its connection to the microstrip line can be calibrated following standard procedures. 
Therefore, a station often offers high accuracy even in the frequency range of tens of GHz. 
However, while using the station, as mentioned above the DUT must be mounted on a 
printed circuit board (PCB), which acts as a feeding structure and a large ground plane for 
the antenna and the bottom side of the antenna chip is shorted to ground plane of the feeding 
structure via wires so it only has a ground plane underneath the feeding line and no metal 
ground plane behind the antenna structure itself. The setup for measurement used in this 
research is shown in Figure 5.6. The antenna chip is mounted on a printed circuit board 
(PCB) made from duroid with a thickness of 0.5 mm and a relative permittivity of 10.2. A 
1.8mm connector is soldered to the front of the board. Its center pin is connected to mi-
crostrip line and the outside terminal of microstrip line is connected the input of  antenna 
with a bond wire while its ground shield is in contact with the small ground plane on the 
upper layer of the board via wires. It has been suggested in [109] that the use of two parallel 
bond wires help to reduce the inductance of bond wire. In [110], it was shown that reducing 
the elevation of the bond wire from the ground plane helps to minimize its radiation effects. 
These suggestions were followed in this research. 
 
Fig. 5.6: Measurement setup with feed line 
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An interconnect from a chip to a PCB at 60 GHz is not a trivial task and a matter of dis-
cussion itself in the mm-wave community [111]. The two standard options for the inter-
connect are, first, the bond-wiring technique and, second, the flip technique. Though flip-
chipping is seen to be superior to the bond-wiring technique with respect to return loss 
[111], it requires the chip to be mounted upside down with the antenna facing the PCB on 
one side and the silicon substrate on the other side. This does not resemble the targeted 
mounting of the AoC Therefore, the bond-wire interconnect was chosen. As described in 
[111], a bond-wire is commonly considered to be a non-negligible inductance at mm wave 
frequencies. Instead of looking at the bond wire as a parasitic element, however, we con-
sidered an alternative approach by creating a half-wavelength (λ/2) bond-wire transmission 
line at 60 GHz. A simulation with the commercial full-wave solver HFSS [112] revealed 
that a configuration of wire with a diameter of 38μm which is embedded in air environment 
(𝜀𝑟 = 1) exhibits a characteristic impedance of 50Ω order to obtain a λ/2  ine, the required 
wire length is 2.5mm. Using these values, the simulation setup as depicted in Fig. 5.7 was 
made. It shows the bond-wire transmission line that connects on-chip 50Ω load to a mi-
crostrip transmission line on PCB board. Its length was designed to be λg/2 (1.66mm).  The 
PCB itself has a thickness of 0.5 mm and a relative permittivity of 10.2. The resulting on-
Fig. 5.7: Simulation setup (HFSS) of bond interconnect between PCB trans-
mission line and on-chip load. 
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PCB transmission line has a characteristic impedance of 50Ω.  The on-chip landing struc-
ture has a pitch of 125µm between the bond-wire pad and ground pad. The two ground 
pads were connected to the ground system. The resulting input impedance of the overall 
structure from fig.5.7 is depicted in Fig. 5.8. The input impedance at 60 GHz does not 
exactly show a value of 50Ω. This difference is seen to be the result of the discontinuity of 
the on-chip probe pads together with their non ideal transmission line routing as well as 
the additional discontinuity on the PCB transmission line. 
Fig. 5.8: Simulated input Impedance vs. frequency 
Fig. 5.9: Layout of the used measurement package with assembled AoC. 
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In order to not directly place the chip on the PCB, a cut-out in a large metal area on the top 
side of the PCB was introduced (bottom side was completely metalized). The width of the 
resulting cavity has the same width as the chip (1.5 mm). Its length was chosen such that 
the edge of the plate on the chip [81] coincides with the edge of the cavity when the antenna 
is centered over the cavity. Note that, due to the thickness of only the fundamental parallel 
plate mode, i.e., the transvers electromagnetic (TEM) mode, can propagate between the 
plates. The energy excited in this mode, however, is considered to be small due to the field 
distribution associated with the antenna. The resulting input impedance of the AoC (with-
out bond-wires, etc.) is depicted in Fig. 5.10. 
 
5.3 Measurement of Impedance 
 
The setup shown in Figure 5.6 used in the measurement of input impedance of the antennas. 
A short open load through (SOLT) calibration is performed for impedance measurements. 
An absorber is placed below the chip to avoid the ground plane effect from the metal chuck. 
Fig. 5.11 and 5.12 shows the comparison between the measured and the Simulated, S11, 
versus the frequency for the antenna in the position. The antenna is matched for both 
60GHz. It can be seen that, generally, the measured results follow the same trend as the 
 Fig. 5.10 Simulated input impedance of AoC assembled on the meas-
urement package 
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 simulated curve, except for a small shift towards the higher frequencies. This can be ex-
plained as follows. Major issue with the fabricated modules is the non-uniform Si substrate 
thickness. This non-uniformity is because of the deep reactive ion etching (DRIE) of the 
silicon wafer to reduce its thickness from 500 m to 250 µm. The DRIE technique enabled 
to reduce this large Si thickness from the backside of the wafer but at the cost of large non-
Fig. 5.12: Measured S11 versus frequency for the antenna 
Fig. 5.11: Simulated S11 versus frequency for the antenna 
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uniformity of the backside surface. It is hard to model this large non-uniformity in simula-
tions, however trying different substrate thicknesses indicates that the silicon thickness af-
fects the spacing between the resonances and in particular has a larger impact on the higher 
resonance. It can be responsible for the slight shift of resonances in measurements, as can 
be clearly seen at 60 GHz. 
 
5.4 Measurement of the Gain Pattern 
 
The setups and the technique discussed in the above two sections are primarily for the 
measurement of reflection coefficients of an on-chip antenna. It can be easily adapted to 
measure the gain pattern of the antenna. Although such a measurement will not be as ac-
curate as one with sophisticated equipment, it at least gives us an estimation of the directive 
property of the antenna. On the other hand, even with the sophisticated equipment, the 
accuracy of the measurement may still be questionable due to the reasons given in the 
beginning of this chapter. 
 
As discussed in previous section, the input impedance of the antenna with feed structure is 
deigned to be 50Ω by adjusting feed line position and gap. Measurements of the available 
power from the antenna are taken while the orientation of the antenna is varied. Since the 
transmitting antenna we are using is highly linearly polarized, the gain pattern we obtain is 
the partial gain of the corresponding polarization. 
Fig. 5.13: Measured and simulated gain of the 60 GHz antenna 
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On-chip antenna gain and radiation pattern measurements are affected by parasitic radia-
tions of bond wire and scattered energy from the metallic parts on the probe station. In 
addition, as it has been shown in previous Section, the thickness of the substrate below the 
antenna is critical for gain and radiation performance. Typically, the chip is glued on a PCB 
board which would result in surface waves excitation. These elements affect the gain meas-
urement and must be taken into consideration in the test setup. 
 
The gain of the antenna is measured with the absolute gain method. The absolute gain of 
the 60 GHz on-chip antenna is measured with a network analyzer (Agilent PNA network 
analyzer E8361A) using the gain transfer method. Two identical standard gain (horn) an-
tennas are first connected to the two ports of the network analyzer and 𝑆21is measured. The 
gain of the standard gain horn antennas is calculated from the measured 𝑆21 using the Friis 
transmission formula. One horn antenna is then replaced by the 60 GHz on-chip antenna 
and the gain of the 60 GHz antenna is obtained from the difference in the measured S21 in 
both cases. The measured gain of the 60 GHz antenna is shown in Fig. 5.13. The losses of 
the microstrip line and the 1.8mm mm connectors were measured separately. The measured 
loss of the microstrip line is ~0.8 dB/cm while the connector has a loss of ~0.9 dB at 60 
GHz. The ripples in the measured gain are mainly due to scattering effects from the con-
nector which was not covered by absorbers during the gain measurements. The measured 
gain of the on-chip antenna is > -6 to -10dB from 58 to 63 GHz.  From the measurement 
of the transmission obtained with a vector network analyzer (𝑆21), the antenna gain can be 
estimated using Friis equation. 
 
2. 𝐺(𝜃, 𝜑) = 10. 𝑙𝑂𝐺 [10(
𝑆21
20 )] − 20. 𝑙𝑂𝐺 [
𝜆
4. 𝜋. 𝑅
]                                    (5.1) 
where 𝐺(𝜃, 𝜑) is the gain of a single antenna in the direction (𝜃, 𝜑) and λ is the wavelength 
at the frequency of interest. The gain in the maximum radiation is measured using the 
method described above.  The measured gains at 60 GHz is found to be -10.2dB.  
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5.5 Radiation Pattern 
 
Typically, radiation pattern is measured in anechoic chamber with connectors and probe 
feeding is not common practice. On-chip antennas are small in size and mostly fed through 
RF connectors adding challenges to these measurements. A specific and precise test fixture 
is required for accurate antenna measurements. Figures 5.14 – 5-19 show the simulated 
radiation patterns in E-/H-planes and the measured gain of the on-chip antenna in both 
positions at 58, 60 and 62GHz. As can be seen, the radiation pattern for H-plane is wider 
and quasi-omnidirectional in comparison to that of the E-plane. It is worth mentioning here 
that not all the angles and cuts for the complete E and H-plane radiation characterization 
are possible in this setup. An acceptable agreement between the simulated radiation pattern 
and the measured points exist. The discrepancies can be attributed to the error in manual 
placement and alignment of the two antennas in these challenging on-wafer mm-wave 
measurements 
 
 
 
 
 
 
 
 
 
 
 
Fig. 5.14: simulated and measured radiation patterns at 58GHz for antenna chip 
mounted on PCB for measurement  (a) E-plane, (b) H-plane 
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Fig. 5.16 simulated and measured radiation patterns at 62GHz for antenna chip 
mounted on PCB for measurement  (a) E-plane, (b) H-plane 
 
Fig. 5.15: simulated and measured radiation patterns at 60GHz for an-
tenna chip mounted on PCB for measurement  (a) E-plane, (b) H-plane 
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Fig. 5.17: simulated and measured radiation patterns at 58GHz for antenna with 
probe measurement (a) E-plane, (b) H-plane 
Fig. 5.18 simulated and measured radiation patterns at 60GHz for antenna with 
probe measurement (a) E-plane, (b) H-plane 
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5.6 Measurement of Antenna Efficiency 
 
There are a number of methods for measuring antenna efficiency in the antenna literature, 
such as Wheeler’s cap method, the Q factor method, and the directivity/gain method 
[113][114], among which, the Wheeler’s cap method is the easiest to carry out and requires 
the least measurement set-ups. It was the only choice for the measurement of antenna effi-
ciency with the available equipment. 
The Wheeler’s cap method is based on H. A. Wheeler’s suggestion in [115] that enclosing 
the antenna with a conducting sphere with a radian length (λ/2π) in radius will eliminate 
the radiation resistance 𝑅𝑟 from the input impedance without significantly changing the 
loss resistance 𝑅𝐿. So if we measure the input impedance of the test antenna with and with-
out the cap. The efficiency of the antenna can then be calculated as 
 
𝜂 =
𝑅𝑟
𝑅𝑟+𝑅𝐿
=
𝑅1−𝑅2
𝑅1
                                                                        (5.2) 
where 𝑅1 is the real part of the measured input impedance without the cap, 𝑅2 is the real 
part of the part of the measured input impedance with the cap. However, this is the case 
Fig. 5.19: simulated and measured radiation patterns at 62GHz for antenna with 
probe measurement (a) E-plane, (b) H-plane 
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when the loss of the antenna occurs in series with the radiation. For antennas with losses 
that occur in parallel with the radiation, the following equation should be used, 
𝜂 =
𝑅𝑟//𝑅𝐿
𝑅𝑟
=
𝑅1
𝑅1 − 𝑅2
                                                               (5.3) 
The experimental setup of Wheeler’s cap method is shown in figure 5.18, which consists 
of the test antenna on a ground plane that can be completely enclosed by a metallic hemi-
sphere. It was stated in [114] that the shape of the cap is not very important as long as it 
totally encloses the antenna structure. But it was found in [116] that good contact between 
the cap and the ground plane, as well as centering the cap over the test antenna, was im-
portant. 
Although the Wheeler’s cap method was found to be of quite good accuracy in [114], there 
are at least two concerns for its accuracy when applied to the measurement of antennas. 
One is the inevitable problem of using bonding wires and connectors. The other is the 
complicated loss mechanism in the antennas on CMOS chips, which makes the equivalent 
circuit neither a series resistance-inductance-capacitance (RLC) nor a parallel RLC circuit. 
However, as mentioned previously, the Wheeler’s cap method is the best measurement 
method with the currently available equipment, and was the method of choice for antenna 
efficiency measurements in this research. The efficiency of the antenna was obtained 
11.29% which agrees with simulated result. 
Figure 5.20 Test set-up of Wheeler cap method measurement (after D. M. Pozar 
[116]]) 
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Chapter 6 Conclusions and Future Works 
 
6.1 Conclusions 
 
From the state-of-the-art overview in chapter 3 one can conclude that all three integration 
approaches can be used to design antennas that match the specifications of the 60 GHz 
band. The AoC approach, however, falls behind the AiP and hybrid approach in terms of 
radiation efficiency and gain. AiP and hybrid approach designs, on the other hand, may not 
be able to compete with the AoC in terms of cost due to their normally rather complex 
multi-layer packaging structure. Moreover, AiP concepts require an additional chip-to-off-
chip interconnect that requires extra design effort and introduces additional losses to the 
system. Therefore, the hybrid solution seems, at first glance, the best solution here. How-
ever, for frequencies beyond 60 GHz the structure size and fabrication accuracy of typical 
hybrid but also AiP technologies might be insufficient. This problem does not exist for the 
AoC approach, which was already very successfully tested in the terahertz band, see, for 
example, [10].  
 
Hence, instead of focusing on three integration approaches, the antenna on chip (AOC) 
option was investigated in the outline of this thesis. It shall be pointed out here, however, 
that besides the radiation efficiency issue with this antenna integration technology, all men-
tioned AoC designs achieved acceptable performances as the key figures in Table 3.3 in-
dicate. Since they all require additional processing steps after the usual IC fabrication, those 
techniques are commonly referred to as post-processing techniques. But although those 
steps have proven to enhance the performance of on-chip antennas, the semiconductor in-
dustry is still reluctant to incorporate them into their standard portfolio. A reason often 
given for this is the increase in fabrication costs and, therefore, the worries of losing com-
petitiveness on the market. In this thesis, competitive antenna design concepts for this in-
tegration approach were developed to avoid these problems. Those concepts are based on 
basic antenna theories and types in order to focus the consideration on the antenna perfor-
mance with respect to the integration technology and the antenna topology. The concepts 
for antenna on chip element were presented in chapter 4, where special emphasize is placed 
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on the radiation efficiency. The problem of achieving sufficiently high gain values beam-
steering are then tackled which deals with considerations for antenna arrays. 
 
In chapter 4, an AoC concept in standard IC technology is proposed. A virtual loop antenna 
(VLA) is designed here. The concept proposed in this work avoids the extra steps but pro-
vides for comparable good antenna efficiency. We propose the design of this antenna for 
use on CMOS ICs technology that promises to integrate a complete 60GHz system on sin-
gle chip that combines a good performance in both bandwidth and radiation efficiency. The 
design is based on assumptions that conductor and conductive pad are imaged in ground 
plane to form a loop antenna. The resulting design is completely planar, and the use of via 
is avoided. This result in inherently low fabrication cost, light weight, and low volume 
antenna. Its design is essentially a joint optimization of bandwidth and power efficiency. 
The design of this integrated loop antenna for use on 60GHz CMOS receivers was based 
on silicon substrates of low resistivity that varies from 5- 20Ω-cm. The design was based 
on intensive electromagnetic simulations using HFSS software package. The width and 
length of the antenna is less than half a free-space wavelength, such that the antenna can 
be readily used for the realization of a planar beam-forming array. 
 
The simulation results of the prototypes were largely confirmed by experiments and are 
summarized in Table 6.1. In comparison with the state-of-the-art, see Table 3.3, it can be 
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concluded that this approach achieves an excellent performance with respect to other AoC 
designs without post-processing technologies. Compared to reference designs in which 
post-processing techniques were applied, the proposed approach achieves comparable re-
sults. However, since only standard processes were used for the concept presented in this 
chapter, it is seen to exhibit a clear cost advantage. 
 
Therefore, especially at the 60GHz band of the spectrum. VLA on-chip antenna might 
come into play again since they offer a much higher design flexibility. Hence, a single low-
cost integration technology that is superior throughout the entire frequency band does not 
seem to emerge from this consideration. Therefore, rather than trying to find the best com-
promise of the three solutions, one should rather make use of the existing technology di-
versity and choose an approach that fits best to the given specifications of a target applica-
tion. For this, a general guideline with respect to the operating frequency is provided in 
sections 4.7.4 and 4.84, which is based on above considerations with respect to perfor-
mance and producibility of the individual antenna concepts. At the upper end of the mm-
wave spectrum, the AoC approach is seen to be superior, which is also in line with the 
successful use of on-chip antennas in the terahertz band, see, for example, [10]. The hybrid 
approach can then be understood as a bridge-technology that comes into play when both 
other approaches turn out to be insufficient. 
 
The general recommendation from sections 4.7.4 and 4.8.4 are nice starting points for 
choosing a suitable antenna design parameters. However, it does not state any general cor-
ner frequencies at which one approach becomes superior to the others. For this, specific 
requirements for the antenna would be necessary. Due to the vast amount of possible ap-
plications throughout the mm-wave band, such definite transition points cannot be given 
here. Furthermore, at a single frequency band with different application scenarios, VLP 
on-chip antenna integration approaches may be a valid choice. In view of the three major 
application areas stated in Chapter 1, this integration concept is seen to be most suitable 
for the file transfer scenario. Here, the small size of an AoC solution allows a dense inte-
gration in hand-held devices while its gain is sufficiently large. In conclusion, we designed, 
simulated and built antenna on chip AOC) on silicon substrate with resistivity of 10 ohm-
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cm. From initial measurements, the fabricated antenna achieves comparable results which 
agree well with simulated results. It indicates that these on-chip antennas on silicon sub-
strate with resistivity of 20 ohm-cm and using standard technology process are working 
excellently with better efficiency. Since only standard and low cost materials and processes 
are used for the fabrication, these antennas are applicable for mass-employment in, for 
example, short-range industrial applications. Therefore, this antenna technology can be 
used for implementation in future high speed wireless communication products 
  
6.2 Future Works 
 
6.2.1 Antenna Modelling 
 
With respect to the proposed VLA on chip antenna modeling approach, a thorough inves-
tigation of the bond-pad model will be conducted since this is seen to be the cause of the 
deviation between the radiation efficiency obtained with HFSS and the model. Further-
more, a mm-wave prototype of the mutual coupling experiment, will be presented in future, 
should be fabricated. The measurement results of this experiment can then be used to gain 
further insights in the validity and boundaries of the proposed modeling approach. Lastly, 
the VLA-model from Chapter 4 is limited to rectangular metal shapes. In order to increase 
the flexibility of the model and, thus, to provide the antenna designer with more freedom, 
the model should be extended to arbitrary shapes. 
 
6.2.2 Antenna Array Consideration 
 
Antenna arrays are of particular interest in 60Ghz mm-wave band since they offer high 
antenna gain, which is, for example, necessary for communicating over the maximum tar-
geted distance of 10 m at 60 GHz, (see Chapter 3). For this, arrays with a fixed amplitude 
and phase distribution are often considered in the literature. Especially for mobile applica-
tions, however, the antenna array must exhibit the capability to align its narrow beam in 
the direction of the strongest signal. Otherwise, the full capacity and/or communication 
distance of the system can hardly ever be exploited. Hence, an antenna array with beam-
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steering capability is imperative, see [2, 4, 5, 7, 8]. Such a solution for linear and circular 
polarization based on the AOC concept from Chapter 4 will be investigated in the future. 
Furthermore, a method for improving the axial ratio over the whole scan range of circularly 
polarized arrays be will considered. Finally, an extension of the computational model for 
the VLA from Chapter 4 will be introduced in future. and design procedures regarding 
antenna arrays in the mm-wave range will be drawn. 
 
 
6.2.3 60GHz millimeter wave Measurement 
 
The conclusions, drawn in Section 6.1., are based on the findings and conclusions of the 
previous chapters. Here, a strong emphasis is placed on the simulation results. The simu-
lated radiation efficiency of the antenna concept could not be verified directly, however. 
In order to be able to perform direct efficiency measurements, it is recommended here to 
extend the radiation pattern measurement setup.to include complete hemispherical scans. 
By this, the total radiated power of an antenna can be determined. Furthermore, the input 
power that is accepted by the AUT has to be known for this, such that Equation (2.50) can 
be applied directly. This input power can, for example, be measured with a power meter or 
by a measurement of a reference antenna with known efficiency. For this, a standard gain 
horn could be used, for which the radiation efficiency may be assumed to be 100 %. The 
resulting accuracy of this assumption remains to be shown, however. Furthermore, the ra-
diation pattern of the on-chip VLA could not be measured since the probe could not be 
adequately landed on the on-chip bond-pads. Therefore, the radiation pattern measurement 
setup needs to be extended to allow the probe to be tilted around its longitudinal axis. 
 
6.2.4 Antenna on chip (AOC) feed and Sensitivity 
Antenna on chip (AOC) feed network should also be supported by standard silicon tech-
nology process. The accuracy of the manufacturing process is especially important for the 
mm-wave antenna feed since, in general, the smallest features are used in the mm-wave 
feed. Tolerances on the width of the RF feed directly correspond to changes in the charac-
teristic impedance of the RF feed and this results in undesired reflections and mismatch. 
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The silicon dielectric thickness should be selected carefully to obtain an RF feed network 
with a well-defined impedance and low radiation losses. It is advantageous to have a 
ground plane at a well-defined distance that is relatively close, in terms of wavelength, to 
the RF feed. In this way the radiation losses of the feed are minimized. Moreover, the 
package should be designed such that the feed-line interconnections are as short as possible 
to minimize the associated losses. Design and analysis of AOC feed structure will be investigated.  
 In this work, AOC element has been modelled, designed and measured. The antenna shows 
relatively good performance regarding radiation efficiency and antenna bandwidth. How-
ever, before the antenna element is realized, it is important to investigate the effect of man-
ufacturing tolerances on the performance. This is especially important since the antenna is 
realized in a standard, low-cost, planar manufacturing technology in which tolerances can 
be relatively large. Therefore, the sensitivity of the antenna structure for manufacturing 
tolerances will be analyzed. 
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Appendix A 
 
A.1 Q-FACTOR DEFINITIONS FOR TRANSMISSION LINES 
 
Analogous to the case for lumped inductors [118], there are many different definitions for 
Q of a transmission line, where the applicability depends upon the intended function of the 
transmission line in the circuit. 
 
A.2. Resonator quality factor 
 
The most commonly used definition is the Q of the line when used as a resonator (Qres), 
 
𝑄𝑟𝑒𝑠 =
𝜔0(𝐴𝑣𝑔.  𝑒𝑛𝑒𝑟𝑔𝑦 𝑆𝑡𝑜𝑟𝑒𝑑)
𝑎𝑣𝑔.  𝑝𝑜𝑤𝑒𝑟 𝑙𝑜𝑠𝑠
=
𝜔0(𝑊𝑚 + 𝑊𝑒)
𝑃𝐿
                            (𝐴. 1) 
 
where 0 is the resonance frequency, Wm and We are the average magnetic and electric en-
ergy stored, and PL is the average power dissipated in the line. Qres can be related to the 
quantities by [119] 
 
𝑄𝑟𝑒𝑠 ≈
𝛽
2𝛼
=
𝜋
𝛼𝜆𝑔
=
𝜋√𝜀𝑒𝑓𝑓
𝛼𝜆0
                                                                       (𝐴. 2) 
 
where 0 is the free-space wavelength and eff is the effective dielectric constant. Since eff 
is determined mostly by the dielectric properties, and not the transmission line structure or 
dimensions, maximizing Qres is roughly equivalent to minimizing the attenuation constant 
. Qres can be related very simply to the parameters by 
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1
𝑄𝑟𝑒𝑠
≈
1
𝑄𝐿
+
1
𝑄𝑐
                                                                                               (𝐴. 3) 
 
A.3 Net quality factor 
 
If the line is designed to behave as an equivalent inductor, storing mostly magnetic energy, 
it is more appropriate to consider the power dissipated for a given amount of net reactive 
energy stored in the line, as opposed to the total stored energy [118]. 
 
𝑄𝑛𝑒𝑡 ≡
2𝜔0(𝑛𝑒𝑡 𝑒𝑛𝑒𝑟𝑔𝑦 𝑠𝑡𝑜𝑟𝑒𝑑)
𝑎𝑣𝑔.  𝑝𝑜𝑤𝑒𝑟 𝑙𝑜𝑠𝑠
=
2𝜔0(𝑊𝑚 − 𝑊𝑒)
𝑃𝑅 + 𝑃𝐺
                          (𝐴. 4) 
 
where 0 is the resonance frequency, Wm and We are the average magnetic and electric en-
ergy stored, and PR and PG are the average power dissipated in the resistance and conduct-
ance, respectively. If QL and QC are expressed as 
 
𝑄𝐿 =
2𝜔0𝑊𝑚
𝑃𝐺
                                                                                                (𝐴. 5) 
𝑄𝑐 =
2𝜔0𝑊𝑒
𝑃𝐺
                                                                                                    (𝐴. 6) 
 
it is straightforward to show that 
 
1
𝑄𝑛𝑒𝑡
=
1
𝜂𝐿𝑄𝐿
+
1
𝜂𝐶𝑄𝐶
                                                                                     (𝐴. 7) 
 
Where 
 
𝜂𝐿 = 1 −
𝑊𝑒
𝑊𝑚
                                                                                                  (𝐴. 8) 
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𝜂𝐶 =
𝑊𝑚
𝑊𝑒
− 1                                                                                                    (𝐴. 9) 
 
A.4 Q-FACTOR OF A SHORTED TRANSMISSION LINE 
 
For a shorted transmission line (Fig. A.1), Qnet is simply the single-ended port Q, which is 
Fig. A.1: Shorted transmission line. 
 
To derive the expression for Qnet, the equations for Wm and We must first be analytically 
derived. Then the results of (A.7)–(A.9) can be used to determine the scaling factors L and 
C. If the location of the short is at x = 0 (Fig. A.1), then for an ideal lossless line, the 
voltage and current phasors on the line, as a function of position x, are [119] 
 
𝑉 = −2𝑗𝑉+ sin(𝛽𝑥)                                                                                     (𝐴. 10) 
𝐼 = 2
𝑉+
𝑍0
cos(𝛽𝑥)                                                                                          (𝐴. 11) 
 
where V is the voltage in the positively traveling wave. The time origin is selected such 
that V is real. 
For a low-loss transmission line of length l, if we assume that the current and voltage are 
not significantly affected by the losses on the line, then the average stored magnetic and 
electric energy are 
 
𝑊𝑚 = ∫
𝐿|𝐼|2
4
0
−𝑙
𝑑𝑥 ≈
𝐿𝑉+
2𝑙
2𝑍2
(1 + 𝑠𝑖𝑛𝑐 (
4𝑙
𝜆
))                                       (𝐴. 12) 
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𝑊𝑒 = ∫
𝐶|𝑉|2
4
0
−𝑙
𝑑𝑥 ≈
1
2
𝐶𝑉+
2𝑙 (1 − 𝑠𝑖𝑛𝑐 (
4𝑙
𝜆
))                                   (𝐴. 13) 
 
Where 
 
𝑆𝑖𝑛𝑐(𝑡) ≡
sin(𝜋𝑡)
𝜋𝑡
                                                                                       (𝐴. 14) 
 
Substituting (2.45) and (2.46) into (2.40) and (2.41), we find 
 
1
𝑄𝑛𝑒𝑡
=
1
𝜂𝐿𝑄𝐿
+
1
𝜂𝐶𝑄𝐶
                                                                                  (𝐴. 15) 
 
Where 
 
1
𝜂𝐿
=
1
2𝑠𝑖𝑛𝑐(
4𝑙
𝜆 )
+
1
2
                                                                                     (𝐴. 16) 
 
1
𝜂𝐶
=
1
2𝑠𝑖𝑛𝑐(
4𝑙
𝜆 )
−
1
2
                                                                                    (𝐴. 17) 
 
For transmission lines that are much shorter than a wavelength, the shorted stub looks in-
ductive, C >> L, and QC can often be neglected. For example, if l < 0.1then C > 7.2L. 
 
 
